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Abstract

In this thesis, we present and discuss two advanced architectures of wireless inte-

grated circuits.

In the first part of this thesis we will focus on the design of a inductorless re-

ceiver, which include a LNA, mixer and frequency synthesizer. Inductors are used

in RF design to extend the bandwidth by resonating out the load and/or parasitic

capacitance. However, on-chip inductors are large and cannot be ported easily from

one process to the next. Due to modern CMOS scaling, inductorless RF design is

rapidly becoming possible. In this thesis we describe a new methodology for designing

the RF frontends necessary for the wideband 1GHz-10GHz bandwidth in a 0.13µm

CMOS technology. To validate our design methodology two receiver RF frontends

were designed; a traditional inductor based design and an inductorless design. A

common-gate LNA transconductor is followed by a capacitive peaking LNA-mixer

pair (CPLM). Measurement results indicate that CPLM with the same bandwidth

has better linearity, comparable noise figure and uses only 17% more power. The

silicon area for the CPLM is only 22% of the IPLM. Both designs can be mated with

an inductorless, ring-oscillator based, wide lock range and low power PLL also shown

in this thesis.

We present theory and prototype results for injection-locked frequency dividers

based on differential ring oscillators (D-ILFD) and single-ended ring oscillators (S-

ILFD), which can be locked to all harmonics (i.e., even and odd). We have developed

a general theory for lock range and phase noise for all harmonics for both topologies.

Measurement results for the D-ILFD and the S-ILFD show that the lock range de-

creases with increasing harmonics at the low harmonics while leveling off for larger

division ratios. Measured integrated phase noise for D-ILFD and S-ILFD also show

that the integrated phase noise decreases with increasing harmonics. The measure-
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ment results corroborate our theory. Ring oscillator based D-ILFDs and S-ILFDs are

compact and consume low power making them well suited for wideband low power

PLLs.

We exploit the ring VCO based on an updated Maneatis delay cell with self-

boosted biased techniques, which has a ultra wide tuning range of 1 GHz to 10.3GHz.

The injection-locked frequency divider (ILFD), which can lock to all harmonics, has

been used. A wide lock range, low power PLL based ring VCO and ILFD has been

designed for UWB radio. Experimental results indicate that integrated phase noise

is below a 30 and power consumption is only 8.1 mA to 21.85 mA for the entire

frequency bands.

In the second part of this thesis, we focus on noise isolation for mixed-signal

(RF/analog/digital) design in CMOS 3D ICs. Faraday cages have traditionally been

used to provide isolation from electromagnetic fields. In this thesis, we describe the

use of Faraday cages for reducing crosstalk in 3D ICs. We validate our methodol-

ogy with a combination of simulation and measurements from fabricated prototype

designs. Measurement and simulation results show that the crosstalk between the

transmitter and receiver reduces by about 75dB up to 10GHz by using a Faraday

cage in combination with tier-to-tier isolation, which is one of best performance re-

ported so far. Measurement results indicate that the Faraday cages have no effect

on the S-parameters and linearity of inductorless RF circuits. We further develop a

lumped equivalent model for crosstalk with and without a Faraday cage. There is

good agreement between measurement, 3D electromagnetic simulation and lumped

circuit simulation.
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Chapter 1

Introduction

1.1 Introduction

In the past decade silicon-based RF and microwave technology has had a dramatic

impact on the world of wireless technology. Wireless communication has experienced

a global boom because it enables easier communication among individuals. Today

we can access data and entertainment in virtually every corner of the globe, from

short range bluetooth and WiFi networks, to cellular and stelelite networks, to meet

different range and throughput requirements.

The current exponential growth of the wireless market requires wireless

transceivers with ever increasing bandwidth, better quality, lower cost, and longer

battery life. To get the required RF performance out of standard digital CMOS

technologies, new system architectures and circuits topologies need to be developed.

Wideband radio receivers are of interest for a variety of application, including

1
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the MBOA-UWB standard, multi-band cellular and software-defined radios. The

operational frequency of wireless designs has traditionally been extended by utilizing

bandpass resonant circuits or with broadband transmission line circuits. Both on-chip

inductors and integrated transmission lines tend to consume significant chip area and

increase design complexity. Additionally, the increased number of radio protocols

used in modern handsets places added pressure on silicon real estate [5]. However, as

device technologies and their associated cutoff frequencies (fT s) have increased, it is

rapidly becoming possible to design circuits without large on-chip inductors or area

consuming transmission lines. In particular, deep submicron CMOS devices have FT s

in the 100+GHz range, shown in Fig 1.1 [1], i.e, parasitic device capacitances are very

small such that we can potentially replace active bandpass RLC circuits with active

lowpass RC circuits.

Fig 1.2 shows an example modern wireless transceiver architecture. All circuits

prior to and including the up and down conversion mixers typically utilize inductors

(e.g., LNA, PA, RX mixer, TX mixer and PLL). Circuits after the frequency trans-

lation step (i.e, IF and baseband) are already possible to realize using lowpass RC

circuits. So, we shall focus on the RF frontend circuits. In particular, we shall focus

on circuit designs for the RF frontend that operates between 1GHz-10GHz for the

wideband standard. CMOS wideband RF frontend circuits are particularly interest-

ing as they have traditionally been designed using multiple inductors [6, 7]. In the

first part of this thesis we will focus on the design of a inductorless receiver, which

include LNA, Mixer and frequency synthesizer.

Recently, another emerging technology, called three dimensional integrated cir-

2
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Figure 1.1: MOSFET maximum FT evolution versus time [1]
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Figure 1.2: Example low-IF or Zero-IF transceiver architecture

cuit(3D ICs)is a promising to be a high density integrated circuit fabrication technol-

ogy. 3D ICs provide an attractive alternative to traditional two dimensional integrated

circuits (2D ICs). In the case of homogenous integration (i.e., same technology), they

provide increased computational power with reduced wiring and additionally, provide

the possibility of heterogenous integration (i.e., different technologies) that may be

more suitable for RF and mixed-signal circuits.
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Figure 1.3: Typical noise generators and sensitive circuits in mixed-signal ICs

In the second part of this thesis, we will focus on mixed-signal (RF/analog/digital)

design in CMOS 3D ICs. Such 3D ICs allow for the integration of full systems that

include RF circuits with significant digital signal processing capability. However, for

such integration to be feasible it is critical to provide sufficient isolation between the

sensitive analog/RF circuits and the digital circuits. Noise injected by digital circuits

into the substrate can severely degrade the performance of RF/analog circuits,as

illustrated in Fig 1.3.

In this thesis, we evaluate the noise coupling problem for mixed digital-RF circuits

and propose techniques to reduce this problem. In particular, we evaluate the efficacy

of using separate tiers for digital and analog/RF circuits and the use of Faraday cages

to shield sensitive circuit blocks. Verification is done using a combination of EM

simulation and measurements from fabricated test structures on the 0.18µm fully-

depleted silicon-on-insulator (FDSOI) technology [2] shown in Fig 1.4.

4
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3D Via

3D Via 3D Via

BM3

BM2

Figure 1.4: The 3-tier 3D IC cross-section used for prototype designs [2]

1.2 Overview

This thesis is organized as follows. In Chapter 2, two receiver RF frontends designs

are presented and compared: a traditional inductor peaking LNA and mixer and a

capacitive peaking LNA and mixer circuit. Power gain, linearity, noise figure and

silicon area of measurement results are discussed.

Theory and prototype results for injection-locked frequency dividers based on

differential ring oscillators (D-ILFD) and single-ended ring oscillators (S-ILFD) are

introduced in Chapter 3. The measured integrated phase noise and lock range for

D-ILFD and S-ILFD are addressed.

Chapter 4 introduces a wide lock range, low power PLL based ring VCO and

ILFD for UWB radio. The ring VCO is based on the updated Maneatis delay cell

with self-boosted biased techniques. The design of each block for PLL are discussed

in details.

Chapter 5 describes the use of Faraday cages for reducing crosstalk in 3D ICs. Our

5
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methodology with a combination of simulation and measurements from fabricated

prototype designs have been validated. A lumped equivalent model for crosstalk with

and without a Faraday cage have been developed.

Finally, Chapter 6 concludes with a summary of the contributions of this thesis.

6



Chapter 2

Low Noise Amplifier and Mixer

2.1 Introduction

Wideband LNA designs usually use inductor degenerated transconductor with LC

ladder input matching networks to achieve wideband impedance matching [6]. In-

ductive peaking techniques are used to extend the bandwidth at the output of

the LNA. The large number of inductors required in these circuit designs increases

cost [7]. Recently a resistive feedback LNA without inductors based on a current-

reuse transconductance-boosting technique for wideband have been reported in a 90

nm technology [8].

The LNA is often directly followed by a down conversion mixer whose input band-

width also needs to be wide. The extended bandwidth requirement for a wideband

mixer in [9] was achieved by using a LC ladder network for wideband impedance

matching. Alternately, the bandwidth extension was achieved by using a distributed

7
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mixer in [10]. All these designs consume large area due to the use of on-chip inductors

and distributed structures.

Traditionally, the design of each block is performed separately and matched to

the I/O impedances, In this thesis we develop a new circuit architecture and design

methodology to optimize the LNA and mixer together [11]. The design and imple-

mentation of LNAs and mixers in a 0.13 µm CMOS technology for the receiver path

of wideband system will be discussed.

Wideband inductorless CMOS front-ends have appeared recently in [12–14]. How-

ever, these designs have covered only a small fraction of the total UWB spectrum from

3.1GHz to 10.6GHz. In this thesis we will present the design of an inductorless wide-

band front-end that operates from 1G to 10GHz. A mathematical treatment of new

methodology, which will be useful as a guide in future design efforts, Circuit designs

with corroborating measurement results for RF frontend consisting of an LNA, mixer

are displayed in this chapter.

This chapter is organized as follows: In the next section we theoretically analyze

the new circuits, this is followed by details for the LNA and mixer pair in the follow-

ing section. Section 2.4 provides experimental measurement results and Section 2.5

provides some conclusions.

2.2 New Circuit Design Methodology

Before delving into the overall frontend design let us consider the circuits shown in

Fig 2.1. At this time let us assume that the LNA and the rest of the IF can be

8
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 Iout

M1

R1

M0: LNA Transconductor
M1: Mixer Transconductor

IF

LO

  Iin

  M0

L1
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LNA

(a)

 Iout

M2

R2

Rs Cs

M0: LNA Transconductor
M2: Mixer Transconductor

IF

LO

  Iin

  M0

Vb

LNA

(b)

Figure 2.1: Simplified circuits for inductive and capacitive peaking (a) inductive
peaking and (b) capacitive peaking

realized without inductors. Fig. 2.1(a) shows a simplified interface between the LNA

and mixer. Biasing and AC coupling capacitors have been omitted for clarity. In this

figure M0 represents the LNA transconductor, which may be realized as a common-

gate or a common-source device. Further, M1 represents the RF transconductor of

the mixer. To bound our discussion, let us focus on the interface circuits shown

within the dashed lines. The circuit in Fig. 2.1(a) shows the use of conventional

inductive peaking to extend the bandwidth at the LNA output (It is really the LNA-

mixer interface bandwidth that is being extended.). This bandwidth extension occurs

due to the addition of a zero in the transfer function due to the inductor. A zero

can also be introduced by capacitive degeneration as shown in Fig. 2.1(b) [15]. In

this circuit, the RC combination of Cs and RS provides a zero that extends the

9
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high frequency response. Effectively, capacitive degeneration provides bandwidth

extension properties similar to inductive peaking [7]. In the next few sub-sections

we provide detailed comparisons between the two bandwidth extension techniques in

terms of gain, noise, and linearity.

2.2.1 Gain analysis

To understand the overall gain of the RF frontend let us focus on the current gain,

(Iout/Iin) from the output of the LNA transconductor to the drain of the mixer

transconductor, as shown in Fig 2.1. The current gain for the inductive peaking

circuit shown in Fig. 2.1(a) is given by (2.1). While the current gain for the capacitive

degeneration circuit shown in Fig. 2.1(b) is given by (2.2), where Cgs is the gate-source

capacitance of the mixer RF transistor (M1or M2), and gm is their transconductance.

Ai L =
Iout
Iin

=
gm1R1

(
sL1

R1
+ 1
)

s2L1Cgs1 + sR1Cgs1 + 1
(2.1)

Ai C =

gm2R2

1+gm2Rs
(sRsCs + 1)

s2 RsCsR2

1+gm2Rs
+ sCgs2Rs+RsCs+Cgs2R2

1+gm2Rs
+ 1

(2.2)

Both circuits have one zero and two poles. The voltage gain for the overall RF frontend

is given by the product of the LNA transconductance, the current gain calculated in

the previous equations, the mixer load resistance and the mixer commutation gain

(ideally 2/π). In turn the power gain can be derived by also considering the input

and output impedances.

10
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2.2.2 Noise analysis

Let us now consider the noise figure (NF) for the inductive peaking interfaces shown

in Fig. 2.1. The overall NF can be derived using traditional Friis equations [15]. In

this analysis the overlap capacitance Cgd has also been neglected for simplicity. The

NF for inductive peaking is given by (2.3), where γ is the short channel noise factor, α

is the short channel transconductance reduction factor and ωT is the cutoff frequency

of the device.

NFL = 1 +
γ

α

ω2

ωT
Cgs1R1

∣∣∣∣1 +
sL1

R1

∣∣∣∣2 (2.3)

The NF for capacitive peaking can be computed by using the noise figure definition

in [16], where N0 (eqn (2.5)) is the noise power of R2, Nd (eqn (2.6)) is the channel

thermal noise power of M2, and Ns (eqn (2.7)) is the noise power of the degeneration

resistor Rs, all referred to the output.

NF =
Total output noise

Output noise due to the source
= 1 +

Ns +Nd

N0

(2.4)

N0 =

∣∣∣∣ gm2(s2R2RsCgs2Cs−C2
gs2Rs

g2m2Rs
+ s R2Cgs2

Rsgm2
+ 1)

(s2R2RsCgs2Cs

gm2
+ s R2Cgs2+RsCgs2

gm2Rs
+ 1)(1 + sR2Cgs2)

|2(4kT0R2) (2.5)

Nd =

∣∣∣∣∣ 1

( gm2

1+sCgs2R2
)− (1+sRsCs)

Rs
− 1

R2+sCgs2

gm2

(1 + sR2Cgs2)
− 1

∣∣∣∣∣
2

(4k0T0γ
gm2

α
) (2.6)

Ns =

∣∣∣∣∣ gm2

sCgs2−1

sR2Cgs2+1
+ sCgs2 + 1

Rs

1

(1 + sCgs2R2)Rs

∣∣∣∣∣
2

(4kT0Rs) (2.7)

11
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2.2.3 Linearity analysis

Short channel MOSFET vertical field mobility degradation and velocity saturation

can be captured using the form in (2.8).

Ids =

[
1

2

W

L
µnCox

]
V 2
ov

1 + αVov
(2.8)

where α is a short channel effective mobility degradation factor. The IIP3 for the two

circuits can be derived by evaluating the power series expansion for (2.8) [16]. We

use the power series due to the limited Qs of our circuits [17]. The IIP3 for inductive

peaking is given by (2.9), while that for capacitive peaking is given by (2.10).

IIP32
L =

4 | 2Vov + αV 2
ov |

3α
(2.9)

IIP32
C =

∣∣∣∣8I(1)

I(3)

∣∣∣∣ (2.10)

I(1) =
2KVov − αI

1 + αVov − αIRs + 2RsKVov
(2.11)

I(2) =
2K − 2(2KRs + α)I(1) + (2αRs + αR2

sK)(I(1))2

1 + αVov − αIRs + 2RsKVov
(2.12)

I(3) =
3(2αRs + αR2

sK)I(2)I(1) − 3(2RsK + α)I(2)

1 + αVov − αIRs + 2RsKVov
(2.13)

where I(1), I(2) and I(3) are the first, second and third order derivatives of the satu-

ration current shown in (2.8).

12
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Figure 2.2: Numerical noise figure calculations for inductive and capacitive peaking

2.2.4 Graphical analysis

The equations above are quite complex and more insight is provided by graphically

plotting the various terms. Detailed BSIM3V3 MOS model parameters for a 0.13µm

CMOS process were used in MathCAD for these plots . We maintain the same total

gain and bandwidth (1GHz-10GHz) for the inductive and capacitive peaking topolo-

gies. Because of the negative feedback associated with capacitive feedback maintain-

ing the same gain requires higher power; the power was increased from 5.4mW to

6.3mW, i.e., an increase of 16.7%. Fig. 2.2 shows the NF for the two circuits as a

function of frequency. It is clear that the noise figures are comparable with each

other. This is not surprising that though we have added more components the nega-

tive degeneration does not allow all the noise to be input referred [18]. The IIP3, the

first and the third derivatives of Ids as a function of MOSFET width (M1 or M2) are

displayed in Fig. 2.3. Due to the negative feedback, the IIP3 for capacitive peaking

13
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Figure 2.3: Numerical linearity calculations for inductive and capacitive peaking

is higher than that for inductive peaking.

2.3 RF Frontend Circuit Design

The analysis of the previous section is now used in designing both the LNA and mixer

together. It provides insight into the choice of the appropriate blocks for LNA and

mixer to build new technology methodology.

From inductive peaking and capacitive peaking shown in Fig. 2.1, the current

sources can be chosen as LNAs, and M1(and M2) can be chosen as mixers. So, a new

concept of inductive peaking LNA and mixer (IPLM) and capacitive peaking LNA

and mixer (CPLM) are formed. To understand the implication of this new concept,

we first discuss circuit design issues for the LNA and mixer separately.
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2.3.1 Low Noise Amplifier (LNA)

The LNA design involves tradeoffs between noise figure, linearity, input matching

and power dissipation. The basic common-source (CS) and common-gate (CG) LNA

circuits are widely used. CS LNA is currently popular because of its superior noise

and gain. One solution expanded the use of an inductively degenerated CS amplifier,

a technique widely used in narrow-band designs by embedding the input network

of the amplifying device in a multsetion reactive network so that the overall input

reactance is resonated over a wide bandwidth [6]. Obviously, inductors consume main

chip area. In contrast, the CG LNA topology provides a wideband input match that

is less sensitive to input parasitic capacitances. Chip area is saved without using

inductors for the input network.

In this paper, a general gm-boosted design technique for common gate wideband

LNA is discussed [3]. In a CG LNA, the input impedance of 50 Ohm is approximately

1/gm. The noise figure is

FCG−LNA = 1 +
γ

α

1

gmRs

(2.14)

where induced gate noise is negligibly small.

The above equation illustrates the fundamental tradeoff between noise figure and

input matching in a conventional CG amplifier. More specifically, if some input

mismatch can be tolerated, gm can be increased to decrease the noise figure (shown

in Eqn. (2.14)) while the input reflection is maintained below some reasonable value.

If the condition of input matching can be separated from noise performance, the

possibility of improving noise figure arises. The proposed scheme is based on an
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important observation [3]: two gm values are used in calculating the noise factor of the

CG amplifier. One is the effective transconductance into the source terminal; denote

it as Gm. The other is the intrinsic transconductacne of the amplifying device, which

is related to drain current channel noise and is denoted as gm. A design challenge

in improving CG-LNA is to modify the topology so that Gm 6= gm. Specifically,

to make Gm 6= gm, a couple mechanisms may be introduced between the gate and

source terminals. Fig. 2.4(a) depicts the topology of the proposed gm-boosted CG-

LNA. In this structure, rather than connecting the gate terminal to a dc bias voltage,

an inverting amplification is introduced between the source and gate nodes of the

MOSFET. The input impedance is

Rin(f) =
1

gm(1 + A)
(2.15)

The noise factor becomes

FCG−LNA = 1 +
γ

α

1

(1 + A)2gmRs

= 1 +
γ

α

1

(1 + A)gmRs

(2.16)

Capacitor cross-coupled CG LNA can be realized as one possible implementation

of a gm-boosted CG LNA with inverting gain (A) equal to 1. New structures for

designing wideband LNA with gm-boosted CG-LNA topology without inductors were

proposed in Fig. 2.4(b).

The LNA design uses an external balun to transform the single ended antenna

16
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Figure 2.4: (a) The Gm-boosted common-gate low noise amplifier (b) Capacitor cross-
coupled common-gate low noise amplifier [3]

signal to differential signals. We utilize it presence to provide DC ground and an RF

signaling path for the LNA. If an external balun is not desired then the sources of

the input transistors can be biased with tail currents and the RF signal capacitively

coupled. However, the use of the balun reduces headroom loss and improved noise

figure. Simulation results of Fig. 2.4(b) are shown in Figs. 2.5and 2.6. The input

reflection coefficient (S11) is less than -12dB over the wideband (1GHz- 10GHz, shown

in Fig. 2.5. Linearity (IIP3) is maintained at around 5dBm and NF is less than 3dB

for the whole wideband band, shown in Fig. 2.6.

2.3.2 Mixer

A commonly used mixer in a RF system is the double-balanced Gilbert mixer. The

mixer consists of differential transcondutors, a mixer core, and a load. The transcon-
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Figure 2.5: S parameters of capacitor cross-couple common-gate LNA under simula-
tion

ductor converts the input voltage into a current, which is then switched by the mixer

core into the load, and a voltage is produced. Both LO and RF are balanced, providing

both LO and RF rejection at the IF output. The double-balanced Gilbert mixer also

improved suppression of spurious products and is less susceptible to supply voltage

noise due to differential topography. For a down-conversion double balanced Gilbert

mixer, two signals,which are one from LO plus IF frequency, another from LO minus

the IF frequency, are mixed to the same IF frequency. One of these signals is the

desired signal, and the other is the image signal which corrupts the desired signal.

A way of avoiding the image problem is the use of a quadrature down-conversion

mixer [19]. In the quadrature down-conversion mixer, the RF signal is multiplied by

both the in-phase (I) LO signal and a quadrature (Q) LO signal. Then the image

and desired signals remain distinct in the complex IF signal. In order to maintain

this image rejection, a high degree of amplitude and phase matching between I and
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Figure 2.6: Linearity and NF of capacitor cross-couple common-gate LNA under
simulation

Q channels is required [20].

VLOI+ VLOI+VLOI- VLOQ+ VLOQ-
VLOQ+

VRF+ VRF-

Rd Cd
VIOUT VQOUT

M1 M2

M3 M4 M5 M6 M7 M8 M9M10

Vdd

Figure 2.7: Schematic of the CMOS quadrature mixer

The quadrature mixer, consisting of two double balanced Gilbert mixers with the

same RF input and quadrature LO signals is shown in Fig. 2.7. The operation of

the quadrature mixer relative to a pair of double balanced Gilbert mixer depends

on the LO signal used. The input RF and LO signals can vary in the range of 0.5
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-11GHz. The output IF signal is in low frequency and is set at 300MHz. The current

inject method is used to increase the linearity of this mixer [21]. Two dc currents are

injected at the drains of the bottom stage transistors. The value of this dc current is

optimized, so that it provides best the tradeoffs between high linearity, noise figure,

conversion gain, power consumption, and bandwidth for the mixer. Simulation results

are shown below. Conversion gain is about 6dB. The Noise figure (NF) is about 7.1

to 8.2dB, and the IIP3 maintains about 0.8 to 1.8dBm. The power consumption is

about 13.5mW.

2.3.3 Combined LNAs and Mixers

Fig. 2.8 shows the simplified schematic of a capacitive peaking LNA and mixer

(CPLM). Specifications were satisfied by changing the sizing of the transistors and

setting the appropriate bias voltages for LNA and mixer. Due to noise and cutoff

frequency, we choose minimum channel length (0.13 µm) for all devices. For LNA,

Input match and linearity decide the size of M1. The cascade device is chosen to

be as small as possible to reduce the parasitic capacitances. The load is designed

to achieve flat gain over the whole bandwidth. An upper limit to the load is set by

the voltage headroom. The LNA is biased by means of current mirrors, not shown in

Fig. 2.8. The transistors of current mirrors work under the saturation region. Because

noise inverts to the overdrive voltage, make the overdrive voltage as large as possible.

After first deciding all component values, the design is then optimized to maximize

bandwidth, gain, noise figure, and input matching.
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Figure 2.8: The simplified schematic of capacitive peaking LNA and mixer

The quadrature mixer follows a LNA and therefore the performance of the mixer

also determines the performance of the overall system. The design of the mixer in-

volves tradeoffs between linearity, noise figure, conventional gain and power dissipa-

tion. In a quadrature system, it is additionally required that there is little mismatch

in amplitude and phase response between I and Q channels [16]. Due to the gain of

the LNA, the mixer can have a higher noise figure but also requires a higher IP3.

The noise figure of the mixer is usually designed to be smaller than the gain of LNA

so that its noise contribution is smaller than that of the LNA [22], [19]. Because the

input signal to the mixer is higher than that of the LNA, the linearity requirement

of the mixer is higher than that of the LNA. In most cases, the mixer’s IP3 limits

the IIP3 of the front-end. For the quadrature mixer, all transistors are to operate

in the saturation region. The differential transcondutors should be biased such that

they have enough head room to swing without leaving the saturation region. The

gain of the mixer is proportional to gm of transcondutors, and mixer core transistors
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Figure 2.9: The simplified schematic of inductive peaking LNA and mixer

are chosen for proper switching.

To compare CPLM with inductive peaking LNA and mixer (IPLM), which is

shown in Fig. 2.9, we keep the same total gain and bandwidth of mixer tailers. In-

ductors of IPLM, Rs and Cs in CPLM and loads (Rd)of both IPLM and CPLM are

decided by above comparison. Cd in mixers is set to satisfy the cutoff frequency of

the output IF signal. The capacitor (Cp) between LNA and mixer is chosen to avoid

affect of DC from the LNA on the mixer. The buffer to drive a 50 external load for

testing is also designed, but not shown in Figs. 2.8 and 2.9. The design procedure

of CPLM and IPLM is basically comprised of executing several simulations until a

desired result is achieved. The experimental measurement results are discussed in

next section.
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2.4 Measurement Results

Fig. 2.10 shows the measured receiver conversion gain (S21) from 1 GHz to 11.0 GHz.

A fairly flat power conversion gain of 20 dB is achieved over 1GHz to 10GHz for

both CPLM and IPLM designs. There is a slight reduction in gain at both ends of

the frequency with frequency degradation for CPLM being slightly worse (< 0.5dB)

at the higher end. The measured input reflection coefficients (S11) for both designs

are also shown in Fig. 2.10. The S11 is better than -14dB from 1GHz to 10GHz for

both designs. The gradual degradation in S11 at higher frequencies is expected for

common-gate LNAs due to gate and pad parasitics.
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Figure 2.10: Measured S-parameters for CPLM and IPLM designs

The noise figure for both designs are shown in Fig. 2.11. For NF measurements, a

fixed IF frequency of 300MHz is used and both RF and LO frequencies are swept from

0.5 GHz to 11 GHz. The LO power is maintained at 0dBm. The measured NF varies

between 4.5dB to 6dB for both designs for the entire frequency range. The NF for
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Figure 2.11: Measured noise figure for CPLM and IPLM designs vs. RF frequency @
IF=300MHz

CPLM is comparable to IPLM even though we have added more components because

the degeneration does not allow all the noise to be input referred. The IIP3 and P1dB

for both designs versus the input RF frequency are shown in Fig. 2.12. The measured

P1dB and IIP3 for the CPLM design are roughly 3dB higher than those for the IPLM

design. This is due to the negative feedback effect of capacitive degeneration which

increases the transconducor linearity. Due to test equipment limitations, IIP3 was

measured up to 5 GHz only. Power consumption for the IPLM and CPLM frontend

designs are 18 and 21 mW respectively. The 17% increase in power for CPLM is due

to the negative feedback associated with capacitive degeneration which reduces the

effective transconductance of M2 in Fig. 2.1. Test results shown in Fig. 2.13 indicate

that the IF bandwidth extends beyond 500MHz.

Appropriate figure of merits (FOM) are often used to compare the relative benefits

of different circuits. For narrow-band circuits the FOM used to compare the relative
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Figure 2.12: Measured IIP3 and P1dB for CPLM and IPLM designs vs. RF frequency
@ IF=300MHz

merits of different circuits does not include the bandwidth. We have augmented the

traditional FOM for RF circuits by adding a criteria for signal bandwidth as wideband

circuits are harder to design.

The new FOM is shown in (2.17). The new additional terms are shown after the

× sign.

FOMnew =
GainlinIIP3mW
(NFlin − 1)PmW

×BWf (2.17)

Here Gainlin is the linear gain, IIP3mW is the linearity in mWs, NFlin the linear

noise figure, BWf is the fractional bandwidth, P is the power in mWs.

In Table 2.1 we compare published results for LNAs, I/Q mixers and RF frontends

with our designs. The FOM for CPLM is much higher than that for IPLM, and any of

the other recently published results. The core layout area of CPLM is also about 22%

of the area of IPLM. The area of the core circuits listed in the table, is re-calculated

by eliminating test pads and test structures. The results show good agreement with
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Figure 2.13: S21 and NF of CPLM and IPLM vs IF frequency @ RF=5 GHz

our numerical analysis results from Section 2.2.

The CPLM, IPLM and PLL circuits were fabricated in the 8 metal layer UMC

0.13 µm CMOS technology. Two chip micrographs are shown in Fig. 2.14.

IPLM CPLM

Figure 2.14: Micrograph of CPLM and IPLM fabricated in 130 µm COMS
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Table 2.1: Summary of experimental results for UWB LNA, mixer, IPLM, CPLM
and other recently published results

Tech. S11 B NF IIP3 Gain P Core Area FOMnew

[nm] [dB] [GHz] [dB] [dBm] [dB] [mW] [mm2]
STD LNA [6] 180 ≤ −9.9 2.3-9.2 ≥ 4.0 -6.7 9.3 9 0.5 0.14

LNA [23] 180 ≤ −5 1.5-12.3 4.4-5.3 7.4-8.3 8.5 4.5 0.46 3.27
LNA [7] 180 ≤ −9.5 2-9.6 3.6-4.8 -7.2 11 19 0.03 0.11
LNA [24] 180 ≤ −10 3-10 2.5-4.2 -5.5 21 30 1.8 1.21
LNA [8] 90 ≤ −10 0.5-7 2-2.7 -4--8 24.5 42 0.013 5.02
LNA [25] 130 ≤ −12 3.1-4.9 ≥ 3.3 22 3.75

SSB Mixer [25] 130 3.1-4.9 16 10 3.75
Mixer [26] 180 3.1-10.6 10 4 10 10 0.54 0.30
Mixer [10] 180 3.1-8.72 6.8-7.3 5 2.5-5 10.4 0.8 0.18
Mixer [9] 180 0.5-25 -5 11 71 0.3

LNA + Mixer [13] 65 < -10 0.5-7 5.5 -3 18 16 <0.01 5.04
LNA + Mixer [14] 65 < -8 2-8 4.5 -7 23∗ 31 0.09 4.22

Our LNA (no inductor) 130 ≤ −12 1-10 2.1-2.8 5 16 3.5 0.015 8.03
Our Mixer (no DEG) 130 1-10 7.1-8.2 0.8-1.8 6 13.5 0.031 0.06

IPLM 130 ≤ −14 1-10 4.7 - 5.35 -3.5 - -2.9 20 18 0.18 11.5
CPLM 130 ≤ −14 1-10 4.8 - 5.65 -0.4 - 0.1 20 21 0.039 18.4

∗: includes IF-amp

2.5 Conclusions

In this paper we introduced a inductorless wideband RF frontend from 1GHz to

10GHz. To validate our design methodology two receiver RF frontend were designed;

a traditional inductor based design and a inductorless design. A common-gate LNA

transconductor is followed by a capacitive peaking LNA-mixer pair (CPLM). Experi-

mental measurement results show that a CPLM with the same bandwidth has better

linearity, comparable noise figure and uses only 17% more power. The silicon area for

the inductorless LNA and I/Q mixers is roughly 22% of traditional inductor based

designs showing area savings and improved portability. In this chapter we focused on

broad-band RF design. However, the techniques developed here are easily adapted

to narrow-band RF design.
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Chapter 3

Injection-locked Frequency

Dividers

3.1 Introduction

With the growing demands of wideband mobile data services such as the MBOA-

UWB standard, multi-band cellular and software-defined radios, the required oper-

ating frequency of the PLLs within these systems has been forced to increase due to

the increasingly crowded spectrum. Frequency dividers are an essential component of

PLLs are required to provide a range of division ratios. Traditionally, such dividers

have been implemented as a string of wideband static frequency dividers based on flip

flops, with the first divide-by-two usually implemented utilizing current-mode logic

to obtain suitable high frequency operation. The power consumption of a static di-

vider increases proportionately with operating frequency due to the complete charging
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and discharging of capacitances in each cycle. More recently, narrow band injection

locked frequency dividers (ILFD) based on LC resonators have been used to reduce

power dissipation [27]. LC resonator based ILFDs are capable of very high frequency

operation while dissipating relatively low power in the tank [28].

As with VCOs both LC resonator based and ring oscillators based injection locked

dividers are possible. However, due to the high tank Q, limited tuning range and large

die area consumption, the application of LC based ILFDs has been limited [29]. Ring

oscillator VCOs on the other hand have large tuning range but have traditionally

poor phase noise performance [30]. However, as the phase noise performance of

appropriately designed injection locked oscillators is dominated by the injected signal

rather than by the injection locked oscillator performance this is not an issue for ring

oscillator based ILFDs [31]. With the result that there is significant research interest

in ring oscillator based ILFDs with larger locking ranges and higher division ratios.

The highest division ratios of 18 for differential ring oscillator based ILFDs and a

division ratio of 5 for single-ended ring oscillator based ILFDs have been presented [32,

33]. The majority of ring oscillator ILFD research has focused on limited division

ratios on either single-ended or differential designs, with typically an emphasis on odd

division ratios. The theory for differential ILFDs to even numbers and low division

ratios was originally developed in [34]. In this chapter we extend these results and

discuss the mechanisms and theories for both single-ended and differential ILFDs that

allow for all division ratios, i.e., not limited to even or odd division ratios or to low

division numbers.

The chapter is organized as follows: Section 3.2 introduces a general ILFD model
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and circuits for both single ended ILFDs (S-ILFD) and differential ILFDs (D-ILFD).

Section 3.3 provides measurement results to corroborate our theory. We provide some

concluding remarks in Section 3.4.

fRF

  (2N-1)f0
(2N)f0

fRF ±

  (2N-1)f0
(2N)f0

f0

k-Stage LPFMixer

  (2N-1)f0
(2N)f0

fRF 

Figure 3.1: Block diagram model for injection locked divider behavior

3.2 ILFD model and circuits

3.2.1 Injection-locked frequency divider model

A simplified block diagram to explain the inner workings of ILFDs is shown in Fig. 3.1.

A slightly simplified version of this model, originally presented in [34], focused on D-

ILFDs and is limited to even division ratios. The model consists of a mixer and

the squarer block emulating the behavior of a differential pair, a lowpass filter that

emulates the band limited behavior of the multi-stage oscillator, and device level

nonlinearity block that introduces even order harmonics in differential structures.

The lowpass filter model is used to limit the harmonics to the desired tone and
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suppresses all the other spurs. Our model can be used to describe both D-ILFDs

and S-ILFDs and therefore both even (2Nf0) and odd (2N − 1f0) harmonics are

available.The mixer multiplies the input signal (fRF ) with the output signal (f0) and

generates frequency components at fRF ± (2N-1)f0 or 2Nf0.

When the loop is locked, the output frequency (f0) will be synchronized with

one of the sub-harmonics of the input signal fRF/(2N)) or (fRF/(2N-1) within the

locking range of the divider. When no signal is injected, the ILFD free runs and

f0 is solely determined by circuit parameters. When the output amplitude of f0

is sufficiently large, the injection locking dynamics are determined primarily by the

phase relationship around the loop [34]. The mixing function for a differential design

has slightly different dynamics from those for a single-ended design. In the following

subsections we discuss the division ratios, locking range and phase noise for D-ILFDs

and S-ILFDs.
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S5 OB
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Injection Locked Ring 
Oscillator 
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Differential ring oscillator  Injection Locking Divider
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Figure 3.2: Circuit schematic diagram of the D-ILFD used in prototype design
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3.2.2 ILFD based on differential ring oscillator (D-ILFD)

In a D-ILFD the differential pair is normally modeled as a pure squarer that generates

only odd harmonics. However, as device sizes shrink short-channel effects increases

the nonlinearity of transistors. With the result that the differential pair and tail

device in the single-balanced mixer no longer follows the pure square-law. Short

channel MOSFET vertical field mobility degradation and velocity saturation can be

captured using the form in Eqn (3.1), where α is the short channel degradation factor.

Ids =

[
1

2

W

L
µnCox

]
V 2
ov

1 + αVov
(3.1)

The drain current of the tail device now contains the higher harmonics as well.

The combined output of the mixer and tail device can now be written as shown in

Eqn (3.2), where Π(t) + Λ(t) is the new mixing function; Π(t) is a square wave; Λ(t)

is the mixing function due to the short channel effects and θ is the phase difference

with reference to the input [25].

Iout = [Π(t) + Λ(t)][IRF cos(ωt+ θ) + Ibias] (3.2)

The Fourier coefficients, Cn, of the mixing function can by approximated by

Eqn (3.3), where n is an integer; β is a fixed short channel coefficient whose value is

usually less than 1 for the D-ILFD and equal to 1 for the S-ILFD.
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Cn =
1

nπ
· (−1)

n−1
2 for n = odd

=
β

nπ
· (−1)

n
2 for n = even (3.3)

The impact of the lowpass filter can be modeled by Eqn (3.4), where ω0 is the

frequency of the free running oscillator and k is the number of stages in the oscillator.

H(jω) =
H0[

1 + j ω
ω0
tan

(
π
k

)]k (3.4)

The phase expression around the loop in Fig. 3.1 can be expressed for n = odd in

Eqn (3.5) and for n = even in Eqn (3.6).

For n = odd

arctan

[
γ(Cn−1 − Cn+1) sin(θ)

C1 + γ(Cn−1 + Cn+1) cos(θ)

]
=

k arctan

[
ω

ω0

tan
(π
k

)]
− π

(3.5)

For n = even

arctan

[
γ(Cn − Cn+2) sin(θ)

C2 + γ(Cn + Cn+2) cos(θ)

]
=

k arctan

[
ω

ω0

tan
(π
k

)]
− π

(3.6)

Here γ is the injection efficiency, Q is the quality factor of the tank and Vosc and

Vinj are the amplitudes of the oscillator and injection signals respectively.
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The phase introduced by the D-ILFD can be approximated by Eqn (3.7), which

includes extensions for the nth order subharmonic injection [25].

sin θ ≈ 2Q

ω0

· Vosc
Vinj

(
ω0 −

ωinj
n

)
(3.7)

Using Eqn (3.3), Eqn (3.5), Eqn (3.6) and Eqn (3.7), we can get two approximate

analytical expressions for the locking range. Here, Cn, is the Fourier coefficients from

Eqn (3.3) and κ is a fixed coefficient obtained by setting n large in Eqn (3.5) and

Eqn (3.6).

For n = small

∆ω ≈ γCn
ω0

2Q

Vinj
Vosc

(3.8)

For n = large

∆ω ≈ γκ
ω0

2Q

Vinj
Vosc

(3.9)

Once injection locked, the phase noise of ILFDs has two contributors; the phase

noise contributions of the free running oscillator itself (Lfree) and the phase noise

contribution from the externally injected signal (Lext). As these two sources are

uncorrelated random processes, the total phase noise of ILFDs can be obtained by

taking the sum of noise powers as shown in Eqn (3.10). This equation, based on work

from [25,31,35], includes extensions for the nth order subharmonic injection.

Llocked,tot =
(∆ω)2 · cos2 θ

(ω0 − ωinj

n
)2 + ∆ω2 · cos2 θ

· Lext

+

(
ω0 − ωinj

n

(∆ω)2

)2

· Lfree
(3.10)
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Figure 3.3: Circuit schematic diagram of the S-ILFD used in prototype design

3.2.3 ILFD based on single-ended ring oscillator (S-ILFD)

The circuit schematic for the S-ILFD is shown in Fig. 3.3 [31]. In this model, S1 is

treated as a mixer based on an inverter. Here, S2, S3 and S4 form the three-stage ring

oscillator and is modeled as a lowpass filter. Because of its single-ended nature, both

even and odd harmonics are contained in the mixer output. However, compared to

the differential structure the magnitude of the even harmonics are larger. So, other

than the relative magnitude of the even and odd harmonics the equations developed

in the previous sub-section regarding the locking range and phase noise developed are

also applicable for the S-ILFD.

3.3 Experimental Results

In this section we provide measurement results for two prototypes. One design imple-

ments the differential ILFD shown in Fig. 3.2 and the second design implements the
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single-ended ILFD shown in Fig. 3.3. The free running frequencies for the D-ILFD

and the S-ILFD are 264MHz and 220MHz respectively. The power consumption for

the core D-ILFD is 3.0mW and 1.2mW for the core of the S-ILFD. In the next set

of tests we measure the lock range and the integrated phase noise for different divi-

sion ratios. The injection signal is provided by a low-noise sine-wave generator at a

constant power level of about -5dBm. The input frequency is varied from 528MHz to

10.56GHz for the D-ILFD and from 440MHz to 9.9GHz for the S-ILFD. For calcu-

lating the RMS phase noise we integrate the phase noise from 200Hz to 20MHz for

both D-ILFD and S-ILFD on an Agilent E4407 spectrum analyzer.

The output spectrum and measured phase noise for the free running S-ILFD is

shown in Fig. 3.4. The integrated phase noise is quite large at approximately 24o. In

Fig. 3.5 we show the output spectrum and measured phase noise for the D-ILFD for

a division ratio equal to 40. The free running RMS phase noise for the D-ILFD is

approximately 15o which reduces to approximately 2.7o after being injection locked.

The lock range versus division ratios for the D-ILFD are shown in Fig. 3.6. The

lock range for both n=odd and n=even deceases with increasing n and levels off to

a constant, which is consistent with our lock range theory developed above. Addi-

tionally, the lock range for n=odd is larger than the lock range for n=even when the

division ratio is low due to the β factor in Eqn (3.6) which is smaller than 1. The

lock range levels off to a constant (≈ 30MHz) as described by Eqn (3.9) when the

division ratio is large.

The measured integrated RMS phase noise for different division ratios for the D-

ILFD is shown in Fig. 3.7. The free running RMS phase noise is shown as division
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(a) (b)

Figure 3.4: Output spectrum (a) and measured phase noise (b) for a free running
S-ILFD at 220MHz

(a) (b)

Figure 3.5: Output spectrum (a) and measured phase noise (b) for a injection locked
D-ILFD at a division ratio of 40

ratio equal to zero. As the division ratio increases, the integrated RMS phase noise

deceases, which can be explained by Eqn (3.10). For increasing the division ratio, the

phase noise of the locked oscillator is dominated by the injection signal. The noise

rejection of the injection signal noise increases when the division ratio increases [35].

Fig. 3.8 shows the lock range with different division ratios for n=odd and n=even

for the S-ILFD. As with the D-ILFD the lock range for odd and even numbers decease
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and become constant with increasing the division ratios. However, here the lock range

of n=odd number is similar to the lock range of n=even when the division ratios are

low because the β factor in Eqn (3.6) is equal to 1 for single-ended designs. The lock

range levels off to a constant (≈ 40MHz) again consistent with Eqn (3.9).

Fig. 3.9 shows the measured integrated RMS phase noise versus division ratios for

S-ILFD. As the division ratios increases, the integrated RMS phase noise deceases,

which is also consistent with Eqn (3.10).
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Figure 3.6: The measured lock range with division ratios for D-ILFD

From experimental results presented above, we note that the lock range for the

D-IFLD is smaller than that for the S-IFLD under similar experimental conditions.

We also note that the phase noise for the single-ended design is larger than for the

differential design due to the reduced power consumption of the S-ILFD (≈ 2.5×

lower).

The D-ILFD and S-ILFD designs were fabricated in the 8 metal layer UMC 0.13µm

CMOS technology. Two chip micrographs are shown in Fig. 3.10. The core areas are
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Figure 3.7: Integrated RMS phase noise with division ratios for D-ILFD

0.34mm×0.05mm and 0.168mm×0.022mm for the D-ILFD and the S-ILFD respec-

tively.

3.4 Conclusions

In this chapter we developed theory for the lock range and phase noise for both

differential and single-ended ILFDs. We showed that both D-ILFDs and S-ILFDs

can be made to lock to even and odd harmonics. Measurement results for the D-

ILFD and S-ILFD show that the lock range of all harmonics decreases with increasing

n at the beginning and then levels off to a fixed level. Measured integrated phase

noise for D-ILFD and S-ILFD also show that it decreases with increasing division

ratio. Ring oscillator based D-ILFDs and S-ILFDs operate at low power, consume

small area, have large tuning range, and can be made to operate at low phase noise

making them particularly well suited for wideband PLLs. We provided measurement
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Figure 3.8: The measured lock range with division ratios for S-ILFD

results for division ratios of 40 for D-ILFDs (corresponding to fRF = 10.56GHz) and

45 (corresponding to fRF = 9.9GHz) for S-ILFDs respectively showing their high

frequency potential.
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Figure 3.9: Integrated RMS phase noise with division ratios for S-ILFD
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Figure 3.10: Micrograph of the chip fabricated in 130 µm COMS (a) D-ILFD and (b)
S-ILFD
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Chapter 4

Inductorless Phase-locked Loop

4.1 Introduction

Wide lock range PLL are of interest for a variety of applications, including the the

UWB-MBOA standard, multi-band cellular and software-defined radios. The design

of wide lock range PLL based on ring VCO is a challenging task due to the conflicting

requirements of small integrated phase noise, fast settling time, small spurl levels and

low power consumption. The need to meet theses specification in a given UWB

standard further complicates the design. In early 2002, the Federal Communications

Commission (FCC) has approved allocation of 7.5GHz of spectrum for unlicensed

use of ultra-wideband (UWB) devices for commercial applications in the 3.1-10.6GHz

frequency band with an equivalent isotropically radiated power (EIRP) of only -

41.3 dBm/MHz [36]. Significant research and industrial effort have been invested in

this, mainly to focus on its high bandwidth potential intended for short range and
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high data rates applications, such as wireless multimedia and high performance PC

peripherals [37]. Several proposals have been presented to realize a short-range high

data rate communication. Currently two proposals under consideration are multi-

band OFDM Alliance (MBOA) and direct-sequence UWB (DS-UWB). The MBOA

standard proposes a channelized UWB, dividing the UWB spectrum into five bands.

Each band consists of multiple channels of 528MHz. The data is frequency-hopped

QPSK OFDM-modulated on 128 sub-carriers. The proposed symbol length is 312.5ns,

with a guard interval of 9.5ns [36] shown in Fig. 4.1(a), which sets high demands on

the applicable frequency synthesizer for UWB radio.

Methods to produce UWB standard frequency synthesizers include SSB mixing

method, LO signal multiplexing and Dual PLL shown in Fig. 4.1(b) . It is hard to

achieve spectral purity better than -40 dBc in SSB mixing and LO signal multiplexing,

which also consume a lot of chip power and area [38]. The dual PLL offer alternative

with better spectral purity, low chip power and area. But the requirement for PLL

in dual-PLL is fast settling time, wide tuning range. A very fast settign PLL design

for this type PLL has been presented in [39], which consume a significant amount

of power and die area. The PLL using interpolative ring-VCO for dual-PLL have

been reported in [40], which just covers part of UWB bandwidth. In this chapter,

we will display the PLL based on ring VCO and injection locked frequency divider

for dual-PLL with lowest power and die area consumption in extended whole UWB

bands.

The chapter is organized as follows: In the next section we discuss specification of

PLL, this is followed by details for design blocks of PLL design in the following section.

43



Liuchun Cai Chapter 4. Inductorless Phase-locked Loop
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Figure 4.1: (a) Frequency hopping for each band in MBOA (b) Fast hopping synthe-
sizer by using Dual PLL
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Figure 4.2: The proposed PLL block diagram

Section 4.4 provides experimental measurement results and Section 4.5 provides some

conclusions.

4.2 Specification of PLL Design

Fig. 4.2 illustrates the block diagram for the proposed inductorless, ring-oscillator

based PLL. It comprises of a 4-stage ring VCO, injection locking divider, a phase-

frequency detector (PFD), a charge pump, and an integrated third order passive loop

filter. This design uses an updated self-boosted bias technique for the ring VCO [41],

which includes an additional opamp to minimize supply and substrate noise induced

jitter. In addition a 5-stage injection locking ring oscillator frequency divider, which

can lock to all harmonics, has been developed. A simple linear PFD based on two

re-settable D flipflops is used to generate an up and a down signal that switches the

current of the charge pump. We utilize a differential charge pump with a single-ended
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passive loop filter [16]. The circuits block will be discussed in the next section.

The settling time of the synthesizer is set by the open-loop bandwidth. A larger

loop bandwidth results in a faster setting time and rejects more of the VCO phase

noise. However, the higher the loop bandwidth, the higher the degradation to the

residual frequency modulation of the free-running oscillator will be. In order to com-

ply with the settling time requirements it is preferable to limit the loop bandwidth to

the maximum necessary. On the other hand, a small loop bandwidth results in large

filter component values, leading to large silicon area and large noise contribution of

the loop filter’s resistor [42]. This PLL for UWB is designed to settle in approxi-

mately 100ns to guarantee a settling time below 310 ns over process and temperature

variation. The minimum open-loop bandwidth to achieve a setting time of 100 ns can

be roughly given as following:

fc =
1

tlockξe(φm)
ln(

fstep
ferror

) (4.1)

Where ξe(φm) is the effective damping coefficient as a function of the loop’s phase

margin φm , ferror is the allowable frequency error after a predefined locking time

tlock, and fstep is the magnitude of the frequency jump. For the fastest settling time,

the phase margin should be set to 500, and ξe(φm) will be approximately equal to

5 [43]. In the UWB case of 528 MHz frequency jump and 1-kHz frequency tolerance,

fc is about 26MHz. In a typical design, the loop bandwidth is smaller than one-tenth

of the reference frequency to guarantee loop stability. The referencee frequency will

be set to 264 MHz in this design.
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The design of a PLL also involves trades offs between stability, locking time,

chip area, phase noise, spurious response, loop bandwidth and power consumption.

Design variables in this PLL includes the loop order, the gain of VCO KV CO, the

divider ratio M and the charge pump current Ip, which are decided by operational

center frequency (ω0). The proposed PLL are the third order PLL. The 3th order loop

filter can be modeled by the transfer function F (∆ω), which is decided by R1, C1, C2

shown in Fig. 4.2; The additional pole of a third order PLL provides more spurious

suppression. However, the extra phase lag associated with this pole introduces a

stability issue. Thus loop filter must be designed carefully to provide the required

filtering while maintaining the loop stability, which will be discussed in next section.

In this design, the Phase margin is about 500 and fc is about 26MHz.

The noise requirement set by the UWB proposals, which is defined as the overall

integrated rms phase noise from 0Hz to infinity and this one should be bellow 3.50.

To understand the total phase noise at the output of the system, the effect of various

noise sources has to be calculated first. Due to our PLL covering from 1GHz to

10GHz, we calculate the phase noise at 10GHz. Noise sources include ring-based

VCO, the reference, charge pump, and loop filter, crystal oscillator and injection

locked frequency divider.

The 3th order loop filter transfer function is listed as following:

F (∆ω) =
∆ωR1C1 + 1

(∆ωR1C1C2 + C1 + C2)(∆ω)
(4.2)
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Phase noise due to R1 is calculated to be:

LR1(∆ω)close =
4KTR1

2π

1

2
[

1
∆ωC2

R1 + 1
∆ωC2

+ 1
∆ωC1

]2

[
Kvco

∆ω

1 + F (∆ω) KvcoIp
∆ω2πM

]2
(4.3)

where the first term represents the spectral density of R1 in terms of ∆ω; K is the

Boltzmann constant; T is absolute temperature; The factor 1
2

is for double sideband

spectral density. This phase noise is from R1 source to the output, which have been

multiplied by the square of the transfer function.

For a linear model, the phase noise for an N-stage ring oscillator can be written

in terms of the Q factor as [44]:

LV CO(∆ω)open =
4NFKTR

V 2
pp

(
ω0

Q∆ω
)2 (4.4)

LV CO(∆ω)close = LV CO(∆ω)open

[
1

1 + F (∆ω)KvcoIp
∆ω2πM

]2
(4.5)

Where F is excess noise factor, which accounts for the total noise from the passive

resistor R and the active device (-Gm); Vpp repents the peak-to-peak signal voltage; ω0

is the center frequency of oscillation, and ∆ω is the offset from the center frequency;

R is passive resistor.
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The phase noise contribution from charge pump can be calculated:

LCP (∆ω)close = (
∑

Itotal(∆ω))∆t
f0

2

[
F (∆ω)Kvco

∆ω

1 + F (∆ω) KvcoIp
∆ω2πM

]2
(4.6)

Where
∑
Itotal(∆ω) is sum of total noise, which include thermal noise and flicker

noise by adding the uncorrelated noise sources in the transistors of the charge pump;

∆t is the pulse width of the up and down signals in locked condition, which is about

0.2ns in our design. ∆tf0 is the fraction of time during the charge pump is active [45].

The resulting closed loop phase due to the input signals to PFD, which include

the phase noise from crystal oscillator and injection locking divider:

Linput(∆ω)close = (
∑

(Lcrystal(∆ω)) + Ldivider(∆ω))

[
Ip
2π

F (∆ω)Kvco

∆ω

1 + F (∆ω) KvcoIp
∆ω2πM

]2
(4.7)

The equations above are quite complex and more insight is provided by graphically

plotting the various terms. Detailed BSIM3V3 MOS model parameters for 0.13µm

CMOS process were used in MathCAD for these plots. The sum of all these uncor-

related noise sources gives the total phase noise at the output, which are shown in

Fig. 4.3.

The overall integrated phase noise in degrees can be roughly calculated by the
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following formula [39] for UWB technology:

noiserms =
180

π
10

k
20 [fc(1 + 10

p
10 ) + 2(10

p
10 )]0.5 (4.8)

Where fc is the loop bandwidth (Hz), k is the in-band phase noise density

(dBc/Hz), and p is the peaking of k. From the Fig. 4.3 our integrated phase noise is

about 20 with a loop bandwidth of 26 MHz.
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Figure 4.3: Output phase noise due to different sources @ f=10GHz

4.3 Circuit design

4.3.1 Phase/frequency detector (PFD)

The PFD has been implemented with two D-type flip-flops (DFF), shown in Fig. 4.4.

This PFD generates an Up and a Down signal that switches the current of the charge

pump.The DFFs are triggered by the inputs to the PFD. Initially, both outputs are
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Figure 4.4: Implementation of PFD architecture

low. When one of PFD inputs rises, the corresponding output becomes high. The

state moves from an initial state to an Up or Down state. The state is held until the

second input goes high, which in turn resets the circuit and returns the initial state.

The PFD’s characteristic is ideally linear for the entire range of input phase dif-

ferences from −2π to 2π. Due to the delay of the reset path, the linear range is less

than 4π. The reduced phase comparison range ∆ is given by the following:

∆ = 2π
treset
TCKref

(4.9)

Where treset is the reset path delay and TCKref is the reference period. Here treset is

determined by the delay of logic gates in the reset path and is not a function of input

frequency [46]. Our simulation and calculation indicates that the ∆ in our PFD is

about 0.18π.
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Figure 4.5: Schematic of the charge pump

4.3.2 Charge pump (CP) and the third order loop filter

The charge pump is based on the topology in [16] and shown in Fig. 4.5. In this

charge pump the Up and Down current sources are always on and transistors M1-M4

are used as switches to steer the current from one branch of the charge pump to the

other. The charge pump has a differential architecture. But only a single output

node, drives the loop filter. To prevent output node from drifting to the rails when

neither of the Up and Down signals is active, a rail to rail unit gain buffer is placed

between the two output nodes. This buffer keeps the two output nodes at the same

potential and thus reduces the systemic charge pump offset [47]. This architecture is

useful when the parasitic capacitance is comparable to the value of the capacitor in

the loop filter.

To compensate for the finite output impedance of the Up and Down current sources
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and match their currents more precisely over all output voltages, the Up and Down

currents are monitored in a replica circuit. A feedback network measures the output

voltage (VOP
), and compares it with the voltage of the replica circuit(Vref ), and

equates the Up and Down currents at every output voltage [47]. The change of the

charge pump current Ip corresponds the operational frequency.

The third-order passive loop filter is used as shown in Fig 4.2. The loop filter

consists of a resistor R1 with a series with a capacitor C1. The CP current source

source and the capacitor C1 form an integrator in the loop and the resistor introduces a

stabilizing zero to improve the phase margin and hence improve the transient response

of the PLL. However, the resistor causes a ripple of value IpR1 on the control voltage

at the beginning of each PFD pulse. At the end of the pulse, a ripple of equal

value occurs in the opposite direction. This ripple modulates the VCO frequency

and introduces excessive jitter in the output. To suppress the ripple induced jitter a

small capacitor C2 is added in parallel with the R1 and C1 network. Due to the loop

bandwidth is 26MHz, the values for the filter components are quite small and on-chip

integration is possible in a small area. From our calculation shown in Fig. 4.3, the

phase noise from R1 is quite small.

4.3.3 Ring Voltage-Controlled Oscillator (R-VCO)

Fig. 4.6 shows the proposed 4-stage ring VCO, which can generate the frequency from

1GHz to 10GHz. Compared with LC VCO, Ring VCO consumes less current and

small chip area; Quadrature signals are inherently generated from the 4-stage ring
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Figure 4.6: The proposed schematic of 4-stage ring VCO

VCO. One drawback of ring-VCO is its poor phase noise characteristic comparing

with LC VCO. Due to the sub-carrier frequency spacing consisting of OFDM signals

is wide enough, ring VCO can be adopted effectively for multi-band OFDM UWB

systems. Our phase noise simulation in Fig. 4.3 shows that ring VCO can satisfy the

rms noise requirement of UWB proposal.

An ring oscillator can be realized with any single-ended or differential inverting

delay stage. In order to provide precision delays at high resolution and low jitter,

our 4-stage ring VCO employed updated Maneatis delay cell, which have high supply

noise immunity while being able to operate at low supply voltages.

The Maneatis delay cell usually consists an NMOS source-coupled pair with sym-

metric load elements and a dynamically-biased simple NMOS current source [48].

The coupling input is formed from an additional source-coupled pair sharing the

same loads and current source. The bias voltage of the simple NMOS current source

is continuously adjusted in order to provide a bias current that is independent of
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supply and substrate voltages. The load elements are composed of a diode-connected

PMOS in shunt with an equally sized biased PMOS device. They are symmetric load

because their I-V characteristics are symmetric about the center of the voltage swing.

The control voltage voltage (Vctrl) is bias voltage for the PMOS device. It is used to

generate the bias voltage for the NMOS current source and provides control over the

delay of the buffer stage [48].

In our design, the updated Maneatis delay cell have been used. The control voltage

voltage (Vctrl) have been used as coarse tuning for ring VCO for differently operational

center frequency, which cover frequency from 1GHz to 10.3GHz. A small sized biased

PMOS device are also parallel with the diode-connected PMOS as fine tuning shown

in Fig. 4.6, which covers frequency about 200MHz.

The current source bias shown in Fig. 4.6 is self-boosted biased circuit, which

includes an additional opamp to reduce the supply sensitivity. When the PMOS

devices of the delay cell are controlled and an opamp feedback loop is introduced

in the bias network, the amplifier detects changes in the replica bias due to supply

variations and adjusts the NMOS current sources. This maintains a constant output

siwng and bias current in the delay cells despite the finite impedance of the tail

current source [41,49].

4.3.4 Injection-locked frequency divider

In this PLL, The differential injection locked frequency dividers (D-ILFD),shown in

Fig. 4.7 are used as the frequency divider. The locking range and phase noise of
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Figure 4.7: Circuit schematic diagram of the D-ILFD used in prototype design

D-ILFD have been discussed in details in chapter 3.

4.4 Experimental Results

The Fig. 4.8 shows the coarse frequency and power characteristics of the ring VCO

varying the control voltage with the fixed fine tuning voltage set to 0V. The coarse

frequency tuning range is from 1GHz to 10.3GHz and power combustion for core ring

VCO is from 3.5 mA to 17.25mA. The fine frequency tuning range is about 200MHz.

The measurement results shown Fig. 4.9 for the injection locked ring oscillator

frequency divider indicate that the locking range of all harmonics decreases with

increasing harmonics at the low harmonics and levels off to a fixed value at large

harmonic numbers.

In Table 4.1 we compare recently published results for UWB PLL with our designs.

Our results indicated that we have lowest power consumption, wide lock range and
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Figure 4.8: The measured oscillation frequency and power consumption with the
control voltage

smaller chip area. The micrograph of the chips fabricated in 0.13 µm COMS are

shonw in Fig. 4.10.

Parameters LCVCO [39] Ring VCO [40] Our Design
Tech. (nm) CMOS 180 90 130
Voltage Supply (V) 1.8 1.5 1.2

Output frequency (GHz) 6.33-8.976 3.432-4.488 1.0-10.3
6.60-9.240

Channel spacing (MHz) 528 528 528
Core Area (mm2) 0.7×1.1 0.15×0.6 0.21×0.34

Integrated RMS noise (0) 1.5 < 4 < 3
VCO (mA) 8 3.5 - 17.25

Divider (mA) 17.5 2.5
PFD+CP+LPF (mA) 2.8 2.1
Output buffer (mA) 15 4.9

Total PLL core power (mA) 32.2 30 - 37 8.1 - 21.85

Table 4.1: Comparison of PLL performance with recently published designs
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Figure 4.10: PLL Micrograph of the chip fabricated in 130 µm COMS

4.5 Conclusions

In this paper a wide lock range, low power PLL based ring VCO and ILFD has been

designed for an UWB radio. The ring VCO based on the updated Maneatis delay

cell, which cover from 1GHz to 10.3GHz. The injection-locked frequency divider,

which can lock to all harmonics have been used. Experimental results indicate that

integrated phase noise is below a 30 and power consumption is only 8.1 mA to 21.85

mA for whole frequency bands.

58



Chapter 5

Crosstalk Noise Coupling in 3D

ICs

5.1 Introduction

Over the years, in 2D planar ICs a number of techniques for reducing crosstalk via

the substrate has been developed. Guard rings around a noise source provide a

low resistance path to AC ground and minimize the amount of noise injected into

the substrate. Well-designed guard rings can suppress the amount of coupling at

frequencies below 1GHz, but have proven to be quite ineffective above 3GHz [50].

Deep trench technologies have shown isolation that is better than 40dB for 0.5-20GHz,

but result in fairly complex processes [51]. Patterned ground shields under inductors

improves isolation for RF circuits by an additional 25dB [52]. Other noise isolation

technologies that perform well at frequencies below 1GHz, include triple well, on-chip
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decoupling and buried oxide. The isolation frequency performance can be increased to

approximated 10GHz by using SOI technology with a high resistivity substrate [53].

In this chapter, we present and verify noise isolation in 3D ICs by using separate

tiers and Faraday cages (FC). The design and implementation are based on a 0.18µm

fully-depleted silicon-on-insulator (FDSOI) technology shown in Fig. 5.1 [2, 4]. The

three active tiers, with three metal layers each, are first individually fabricated using

a FDSOI CMOS process. The resistivity of each tier is about 2000 Ohms·cm. The

handling wafers of the top two tiers are then removed and these tiers are flipped

over and integrated with the bottom tier by using intertier vias. Faraday cages have

traditionally been used to block-out external EM fields. We evaluate the efficacy of

using such cages in 3D ICs. It is critical to note that Faraday cages are not possible

in traditional 2D ICs because metal layers are only available above the active devices.

In the MITLL 3D IC technology FCs can be created by using metal layers in any two

tiers and using the inter-tier vias to complete the sides of the Faraday cage.

The chapter is organized as follows. In Section II we describe the test chip and

the experimental and simulation setup for the different coupling conditions in detail.

Section 5.3 provides measurement and simulation results. Section 5.4 presents a

lumped model of the coupling effects based on physical parameters, simulations and

calculations. Section 5.5 provides some concluding remarks.

60



Liuchun Cai Chapter 5. Crosstalk Noise Coupling in 3D ICs

Oxide-Oxide Bond

Oxide-Oxide Bond 

Tier 1: M1

Tier 1: M3

Tier 2: M3

Tier 2: M1

Tier 2: BM1

3D Via
T2 BV0

Tier 2: BM1

Tier 3: M3

Tier 3: M1

Tier 3: BM1

3D Via3D Via

Silicon Substrate

T3 BV0
T

ier 1
T

ier 2
T

ier 3

7.9 um
8.3 um

6.1 um

Figure 5.1: A 3-tier 3D-IC layout including layer thickness information [2, 4]

5.2 Experimental & Simulation Setup

3D ICs allow for significant digital signal processing to be available in close proximity

to analog/RF circuits which is of great interest for future programmable and cognitive

radios. However, the close proximity also introduces the potential problem of noise

coupling. In the next subsections we explore an experimental setup that confirms the

coupling problem and also identify techniques that are valuable for their mitigation.

5.2.1 Experimental Setup for Inductors

Fig. 5.2 shows the microphotograph for a 5mm × 2.5mm test chip that was used

to investigate noise coupling in 3D ICs. Test structures without Faraday cages on

tier 3, displayed in Fig. 5.2, are used as a reference for test structures with Faraday

cages on the same tier. The transmitter (TX) and receiver (RX) sections in this

experiment use identical inductors. The transmitter consisted of four inductors at
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different distances from the receiver. The distances between transmitter inductor

centers and receiver inductor centers are 710µm, 510µm, 435µm and 430µm. The

thickness of metal layers 1-3 on the tier 3 are all 630nm. All inductors are based on

a square spiral structure where metal 3 is used to form the coil and metal 2 is used

for the underpass. Inductors for test structures in Fig. 5.2(a) have 3.25 turns with an

inner diameter of 88µm, and the width and the spacing of the spiral are 10µm and

4µm respectively. The inductors are configured as a one-port device with the other

port connected to ground. The ground ring serves as a current return path, and is at

a fixed distance of 100µm away from the outer diameter of the inductor.

(a)
(b)

(c)
Txb

TxaRxa Rxb

(E) (F)

Figure 5.2: Micrograph of test die (a) test structures without Faraday cage on tier 3
(b) test structures with Faraday cage on tier 3 (c) de-embedding structures (e) low
noise amplifier without Faraday cage (F) low noise amplifier with Faraday cage

The test structures with Faraday cages (FC) on tier 3 are shown in Fig. 5.2(b).

The test structures for the TX and RX are identical except for the Faraday cage. The

two set of structures, with and without Faraday cage, are on opposite sides of the

chip. We ensure that the distance between the TX center and RX center remained
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unchanged with and without the FC. For this experiment, the FC consists of the back

metal (BM1) on tier 3, the back metal (BM1) on tier 2 and intertier vias between

tier 3 and tier 2. It is important to note that creating this FC does not involve any

additional fabrication steps. The two different kinds of Faraday cages are shown in

Fig. 5.3.

Solid Bottom Plate

Solid Top Plate

Int
ert

ier
Vias

External
Port

Connection

Patterned Bottom Plate

Patterned Top Plate

Int
ert

ier
Vias

External
Port

Connection

Figure 5.3: Cross sectional view of Faraday cages; Left: solid top and bottom layers;
Right: patterned top and bottom layers

For our experiment, we use the measured S21 as the figure of merit for isolation.

Measurements were done from 50MHz to 10GHz with the help of an Agilent 8719Es

two-port network analyzer for the test structures shown in Fig. 5.2(a) and 2(b).

The network analyzer is configured to perform broadband measurements. Probe

calibration was done using CASCADE’s 101-190 substrate using a Short-Open-Load-

Thru technique. De-embedding structures shown in Fig. 5.2(c) were used to eliminate

the influence of the transition region between the probe, probe contact and the device

under test.
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5.2.2 Electromagnetic Simulation Methodology for Induc-

tors

Not all test cases could be verified via the test setup above. Therefore, to complete the

picture we supplement the measurements from the experimental setup with full-wave

electromagnetic (EM) simulations. EM simulations were validated via measurements

and will be used to guide future isolation structure design. Ansoft HFSS was used

for our EM simulations [54].

Tier 3

Tier 2

Tier 1

Si Substrate

Port (M2)

M3

W1S

d1

d0

Ground ring

M2

Figure 5.4: Cross-sectional view of a spiral inductor on tier 3

The solid model used within HFSS for the FDSOI CMOS 3D IC is shown in

Fig. 5.4. The details of the structures used to simulate noise coupling correspond to

the test structures shown in Fig. 5.2(a) and (b). Two other simulation structures are

also discussed; one is that of test inductors on the different tiers (tier 3 and tier 2)

with/without Faraday cages; another one is the same structure as shown in Fig. 5.2

(b) except that the Faraday cage uses patterned top and bottom plates. All inductor

design parameters are exactly the same as those shown in Fig. 5.2(a) and (b).
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5.2.3 Experimental Setup for Inductorless Low Noise Ampli-

fier (LNA)

For the second set of experiments the Faraday cage for the noise coupling problem for

mixed digital-RF circuits was directly evaluated by a LNA on the test chip. The LNA

is usually the first active stage in RF receivers and amplifies the input signal from

the antenna and suppresses noise contributions from subsequent stages. Therefore,

the LNA usually sets the noise performance for the entire RF system.

The LNA design, shown in Fig. 5.5, included on this chip was a broadband gm-

boosted common gate circuit [3]. For an input impedance equal to 1/gm the noise

figure is given by FCG−LNA = 1+γ/(2α), where the additional factor of 1/2 is a result

of the gm-boosted technique. Fig. 5.5(a) depicts the topology of the proposed gm-

boosted CG-LNA. Capacitor cross-coupled CG LNA can be realized as one possible

implementation of a gm-boosted CG LNA with inverting gain (A) equal to 1, proposed

in Fig. 5.5(b). The LNA design uses an external balun to transform the single ended

antenna signal to differential signals. The Faraday cage designs for the LNA are

similar to those designed for the inductors. The test structures for LNAs with/without

Faraday cages in tier 3 are shown in Fig. 5.2(E) and (F).

5.3 Results and Discussions

Fig. 5.6 shows measured and simulation results for the reference structures in Fig.

5.2(a). The graph plots the measured S21 with the probes in the air and measured
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Figure 5.5: (a) The Gm-boosted common-gate low noise amplifier (b) Capacitor cross-
coupled common-gate low noise amplifier [3]

and simulated values of S21 at different separations between the two structures. The

separation between the structures is varied from 430µm to 710µm. We note a good

matching between measurement and simulations. Additionally, we note that increas-

ing the distance between TX and RX by about 200µm reduces the crosstalk only 5dB

at 1GHz. Clearly, distance alone is not the solution.

Fig. 5.7 shows the measurement and simulation results for the structures in Fig.

5.2(b). We note that that magnitude of crosstalk is much lower (on average 30dB)

than shown in Fig. 5.6. However, these results include the effects of the metal con-

nection between the inductors and the pads that were used for testing purposes but

were outside the Faraday cages, which unfortunately also contribute to crosstalk. In

fact, the metal connection outside the Faraday cage is the primary contributor to the

increase in crosstalk with frequency. Unfortunately, it is not possible to make mea-

surements without these interconnections. We note that there is a good agreement
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with measurement and simulations at higher frequencies. The discrepancy at lower

frequencies (below 2.5GHz) can be attributed to the crosstalk between the probes

in the air. We also note that, unlike the results in Fig. 5.6, spacing between the

structures has very limited impact on the crosstalk.
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Figure 5.6: Measurement and simulation results without Faraday cage [Fig. ??(a)]
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Figure 5.7: Measurement and simulation results with Faraday cage [Fig. ??(b)]

As we are unable to eliminate the connection to the outside for our FC measure-
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ments and we have validated the close agreement between measurement and simula-

tion results, we can now use HFSS as a tool to show the real impact of these cages.

Fig. 5.8 shows the simulation results for inductors that are similar to the ones shown

in Fig. 5.2(b) but are completely enclosed within a Faraday cage. In comparison to

the measurement results shown in Fig. 5.6 the crosstalk is reduced by an additional

100dB, which is the highest value ever reported. The slight increase in crosstalk with

frequency is due to a combination of numerical precision and port to port coupling

during simulations.

A solid Faraday cage provides excellent isolation, however, the image current in-

duced by the magnetic field in the solid surface of the Faraday cage flows in opposite

direction and will reduce the total inductance and Q (i.e., Eddy current effect). Or-

thogonally slotting the top and bottom plates can be used to eliminate this effect

without reducing the isolation properties [52]. The slots, which should be smaller

than the operation wavelength, act as an open circuit to the induced current. To

evaluate this property we pattern the top and bottom plates of the Faraday cages

while maintaining everything else. Simulations for patterned FCs show a reduction

in the isolation by 10dB (for 430µm separation) as shown in Fig. 5.8. Note, this is

insignificant in comparison to the absolute values. However, both the inductance and

inductance Q increase by about 40% at 5GHz.

Next, we evaluate tier-to-tier noise coupling with and without Faraday cages using

the same structures shown in Fig. 5.2(a) and 5.2(b). For our first experiment, the TX

and RX are placed without Faraday cages and are separated 430µm. The receiver

is kept on tier 3 while one transmitter each are placed on tier 2 and tier 3. The
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simulation results included in Fig. 5.9, show that using different tiers increases the

isolation by an additional 10dB. For the second experiment, we repeat the procedure

done in the previous experiment, but this time we include one of either the TX or RX

in a Faraday cage. Here we see that using separate tiers increases isolation by 20dB.

However, more importantly, using Faraday cages improves isolation by over 75dB.
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Figure 5.8: The simulation performance of TX and RX both with Faraday cage
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Figure 5.9: Simulation results for different structures (d= 430µm)
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Figure 5.10: Measured S parameters of capacitor cross-couple common-gate LNA
with and w/o Faraday cage

Fig. 5.10 shows the measured LNA conversion gain (S21) from 0.5GHz to 6GHz. A

fairly flat power conversion gain of 12 dB over0.5GHz to 5.4GHz for both with Faraday

cage and without Faraday cage. The measured input reflection coefficients (S11) for

both designs are also shown in Fig. 5.10. The S11 is better than -13dB from 1GHz

to 6GHz for both designs. The S-parameters for both designs are almost the same,

which indicates the Faraday cage do not affect the S-parameters of LNA. The IIP3 for

both designs versus the input frequency are shown in Fig. 5.11. The results of IIP3

for both designs shows that the Faraday cage do not impact on IIP3 of inductorless

LNA. The experimentally measured performance for our LNA with/without Faraday

cage have been summarized in Table 5.1.
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Figure 5.11: Measured IIP3 of capacitor cross-couple common-gate LNA with and
w/o Faraday cage

Specification LNA without FC LNA with FC
Technology 0.18µm 0.18µm

S11 ≤ −13dB ≤ −13dB
Bandwidth 1− 5.4GHz 1− 5.4GHz

IIP3 +4.3dBm +4.3dBm
Power gain (S21) 12dB 12dB
Power dissipation 5.4mW 5.4mW

Table 5.1: Summary of measurement results for wideband LNA with/without Faraday
cages
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5.4 Lumped Modeling of Noise Coupling Effects

Several equivalent circuit models have been developed to model crosstalk in inte-

grated circuits [55–58]. In order to accurately understand the physical behavior of

the Faraday cage, Fig. 5.12(a) shows a simplified equivalent circuit used for modeling

each single spiral inductor [59]. The spiral inductor structure is represented by an

inductance Ls, a series resistance Rs, the coupling capacitance Cc and resistance Rc.

The parallel parasitics result from a combination of oxide capacitance Coxeffect rep-

resenting the capacitance value of the oxide layer in each tier between the inductor

and the top of silicon substrate. The substrate parasitics are represented by Rsub

and Csub. The value of each of the elements in the equivalent circuit is optimized to

match the measured results. As seen in Fig. 5.12(b) there is there is extremely good

matching between measured and modeled parameters.
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Coxeffect

Port1
Ls Rs

Cc Rc
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Figure 5.12: (a) Equivalent circuit model for inductors from Fig 2; (b) Modeled data
(dotted line) and measurement data (solid line) from 1GHz to 10GHz

To evaluate the coupling effects between two inductors with/without Faraday

cages, a simple lumped element equivalent circuit is shown in Fig. 5.13. This noise
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coupling effect (crosstalk) is modeled by an RC path (Rcp//Ccp). Expressions of

equivalent elements Rcp and Ccp have been derived for inductors without Faraday

cage in [56,60,61] and are included here for completeness.

Rsub1 Csub1

Coxeffect1

Port1

Ls1 Rs1

Cc1 Rc1

Rsub2Csub2

Coxeffect2

Port2

Ls2Rs2

Cc2Rc2

Ccp

Rcp

Inductor 1 Inductor 2

Figure 5.13: The lumped equivalent circuit for the crosstalk between two inductors

Rcp = [K1
πε0σsi

4ln[π(d−W )
W+t

+ 1]
W ]−1 (5.1)

Ccp = [K1
πε0(εsi + 1)

4ln[π(d−W )
W+t

+ 1]
W ] (5.2)

Here K1 is the fringing factor. For our test structures without a Faraday cage K1

is equal to 1.37 for d= 430µm. W is the average outer diameter of the inductor and

t is the thickness of conductors. Fig. 5.14 shows very good agreement between the

results of crosstalk simulation using the simple equivalent circuit presented above and

the measurements for the test structure (d= 430µm) listed in Fig. 5.2(a) without FC.

When two inductors are close to each other, their electromagnetic field patterns
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interact, a portion of the signal present at one inductor will be transferred to the other

one by coupling through Coxeffect. Simulations for structures with Faraday cages

indicated that oxide capacitance Coxeffect can be treated as an effective coupling

factor for the Faraday cage. For the receiver with Faraday cage and transmitter

without Faraday cage, the Coxeffect for the receiver part is about 1/100th of that for

the receiver without a Faraday cage. The fringing factor K1 is reduced to one third.

For both receivers and transmitters with Faraday cages, the Coxeffect for both the

receiver and the transmitter is 1/1000th of that for receiver and transmitter without

Faraday cages. The fringing factor K1 is reduced to one tenth. This simple lumped

model can be used to accurately predict the impact of coupling with and without

Faraday cages by just modifying the value of Coxeffect as shown in Fig. 5.14.

Freq (GHz)

0.1 1 10

S 21
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B
)

-250

-200
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Tx and Rx  on the tier 3 w/o FC

Tx and Rx all with FC on the tier 3

 Rx with FC  and Tx w/o FC  on the tier 3 

Figure 5.14: Lumped circuit simulation results for different structures (d= 430µm).
Good agreement between lumped circuit simulation data, measured data and HFSS
simulation data. The doted line is lumped circuit simulation data
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5.5 Conclusions

In this chapter, we model and measure noise coupling in 3D ICs. We also develop a

new technology for reducing this crosstalk. To validate our model and our design tech-

niques we used a combination of simulation and measurement results from inductors

(implemented on different tiers) with and without Faraday cages. We use the struc-

ture without a Faraday cage as our reference. Measurement and simulation results

show that isolating either the TX or RX alone reduces the noise coupling by 75dB.

However, enclosing both the TX and RX in Faraday cages reduces the noise coupling

by an additional 25dB. We also developed and verified a simplified lumped equiva-

lent circuit model for noise coupling. In 3D ICs the use of Faraday cages, combined

with placing the RF/analog circuits and digital circuits on separate tiers, results in

extremely good noise isolation. Measurement results also indicate that the Faraday

cages have no effect on S-parameters and linearity of inductorless RF circuits.This

allows us to fully integrate system that have both sensitive analog/RF circuits and

require significant digital signal processing. Additionally, it is well known that noise

isolation decreases at higher frequencies, therefore 3D ICs using Faraday cages may

be the preferred process technology for high performance mixed-signal systems in the

future.
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Chapter 6

Conclusions and Research

Contributions

6.1 Summary

In this thesis we introduced, analyzed and verified via simulations and measurements

from prototype circuits, two advanced circuit architectures for wireless integrated sys-

tems. In the first part of this thesis the design of a inductorless receiver, which include

LNA, Mixer and frequency synthesizer are presented. In Chapter 2 we introduced

a inductorless wideband RF frontend from 1GHz to 10GHz. To validate our design

methodology two receiver RF frontends were designed; a traditional inductor based

design and a inductorless design. A common-gate LNA transconductor is followed

by a capacitive peaking LNA-mixer pair (CPLM). Experimental measurement results

show that a CPLM with the same bandwidth has better linearity, comparable noise
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figure and uses only 17% more power. The silicon area for the inductorless LNA and

I/Q mixers is roughly 22% of traditional inductor based designs showing area sav-

ings and improved portability. In Chapter 3 we developed theory for the lock range

and phase noise for both differential and single-ended ILFDs. We showed that both

D-ILFDs and S-ILFDs can be made to lock to even and odd harmonics. Measure-

ment results for the D-ILFD and S-ILFD show that the lock range of all harmonics

decreases with increasing n at the beginning and then levels off to a fixed level. Mea-

sured integrated phase noise for D-ILFD and S-ILFD also show that it decreases with

increasing division ratio. Ring oscillator based D-ILFDs and S-ILFDs operate at low

power, consume small area, have large tuning range, and can be made to operate at

low phase noise making them particularly well suited for wideband PLLs. We pro-

vided measurement results for division ratios up to 40 for D-ILFDs (corresponding

to fRF = 10.56GHz) and up to 45 (corresponding to fRF = 9.9GHz) for S-ILFDs

respectively showing their high frequency potential. In Chapter 4 a wide lock range,

low power PLL based ring VCO and ILFD has been designed for UWB radio. The

ring VCO based on the updated Maneatis delay cell, which covers the frequency range

from 1GHz to 10.3GHz. The injection-locked frequency divider, which can lock to all

harmonics have been used. Experimental results indicate that integrated phase noise

is below a 30 and power consumption is only 8.1 mA to 21.85 mA for whole frequency

bands.

In the second part of this thesis we model and measure noise coupling in 3D ICs.

We also develop a new technology for reducing this crosstalk. To validate our model

and our design techniques we used a combination of simulation and measurement
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results from inductors (implemented on different tiers) with and without Faraday

cages. We use the structure without a Faraday cage as our reference. Measurement

and simulation results show that isolating either the TX or RX alone reduces the noise

coupling by 75dB. However, enclosing both the TX and RX in Faraday cages reduces

the noise coupling by an additional 25dB. We also developed and verified a simplified

lumped equivalent circuit model for noise coupling. In 3D ICs the use of Faraday

cages, combined with placing the RF/analog circuits and digital circuits on separate

tiers, results in extremely good noise isolation. Measurement results also indicate that

the Faraday cages have no effect on S-parameters and linearity of inductorless RF

circuits.This allows us to fully integrate system that have both sensitive analog/RF

circuits and require significant digital signal processing. Additionally, it is well known

that noise isolation decreases at higher frequencies, therefore 3D ICs using Faraday

cages may be the preferred process technology for high performance mixed-signal

systems in the future.

6.2 Research Contributions

In this thesis the research has focused on advanced architectures for the next genera-

tion of wireless integrated circuits. Several interesting topologies have been developed.

The research presented here has laid a solid foundation on to which further research

will be built. The research contributions include: a wideband inductorless RF fron-

tend, which includes a low noise amplifier, mixer; theory for the lock range and phase

noise for both differential and single-ended ILFDs have been developed; a wide lock
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range, low power PLL based ring VCO and ILFD has been designed for UWB radio;

model and measure noise coupling in 3D ICs have been shown. Each of these research

contributions are summarized in the following paragraphs.

–Inductorless Design of Wireless CMOS Frontends Prior to this research

the traditional architecture of wireless integrated circuits have been using bandpass

resonant circuits and broadband transmission line circuits to extend the operational

frequencies. Both on-chip inductors and integrated transmission lines tend to con-

sume significant chip area. Results of our new design, which is a common-gate LNA

transconductor followed by a capacitive peaking LNA-mixer pair (CPLM), indicate

that CPLM with the same bandwidth has better linearity, comparable noise figure

and uses only 17% more power. The silicon area for the CPLM is roughly 22% of

traditional inductor based designs showing area savings and improved portability.

–All division ratio injection-locked frequency dividers based on ring os-

cillators Frequency dividers are an essential component of PLLs and are required to

provide a range of division ratios. Traditionally, such dividers have been implemented

as a string of wideband static frequency dividers based on flip flops, with the first

divide-by-two usually implemented utilizing current-mode logic to obtain suitable

high frequency operation. The power consumption of a static divider increases pro-

portionately with operating frequency due to the complete charging and discharging

of capacitances in each cycle. New theory and prototype designs for injection-locked

frequency dividers based on differential ring oscillators (D-ILFD) and single-ended

ring oscillators (S-ILFD), which can be locked to all harmonics (i.e., even and odd),

have been displayed in this thesis. Analytical models for the lock range and phase
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noise for all harmonics for both topologies have been presented.

–An inductorless, ring-oscillator based, wide lock range and low power

PLL A novel PLL based on ILFD and ring oscillator VCO was proposed for inductor-

less architectures of wireless integrated circuits. Output frequency coverage is from

1GHz to 10GHz, which is suitable for not only the UWB specification but also for

other wideband standards. Total power consumption for the PLL core is extremely

low due to the use of a injection-locked frequency divider. The integrated RMS phase

noise is below 3 degrees, which easily satisfies the requirements for the MBOA-UWB

standard.

–Modeling, measurement and mitigation of crosstalk noise coupling in

3D-ICs 3D ICs provide an attractive alternative to traditional two dimensional inte-

grated circuits (2D ICs). Over the years, in 2D planar ICs a number of techniques for

reducing crosstalk via the substrate has been developed. In this thesis it is the first

time to describe reducing crosstalk in 3D ICs by using Faraday cages. Our results

show that the crosstalk between the transmitter and receiver reduces by about 75dB

up to 10GHz by using a Faraday cage in combination with tier-to-tier isolation, which

is one of best performance reported so far. A lumped equivalent model for crosstalk

with and without a Faraday cage have been reported. Measurement results also indi-

cate that Faraday cages have no effect on S-parameters and linearity of inductorless

RF circuits.
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