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Abstract

The persistent demand for increased data throughput in computer desktops and
servers has been driving the design and development of high-speed I/0 links in CMOS
technologies. Frequency dependent channel loss and imperfections, such as impedance
discontinuities, in I/O transceiver building blocks lead to inter-symbol interference (ISI)
which limits the achievable link throughput. Crosstalk noise from neighboring channels
results in both timing and amplitude errors with the growing data rate trends in chip-to-
chip communication. In addition, increasing ISI and crosstalk noise sources complicates
the design of critical circuit blocks such as timing recovery. All these factors exacerbate
the eye closure at the receiver and adversely affect the performance or bit-error-rate
(BER) of the overall link. This thesis extends the design scope of current high-speed
I/O systems by applying the joint know-how in advanced digital communication and
novel circuit implementations. Several architectures and schemes including equalization,
timing recovery and timing generation circuits are proposed which address some of the
limiting factors in today’s chip-to-chip I/O links.

First, partial response (PR) equalization is presented, analyzed and demonstrated
as a successful candidate for steep roll-off channel classes. Based on this technique, a
transceiver with PR transmit equalizer and a 1-tap decision feedback equalizer (DFE) is
proposed which increases the signal to noise (SNR) of the received signal at the receiver
decision circuit input. The proposed PRy 1, equalization in this thesis outperforms

duobinary signaling by 28% and 19% when comparing vertical eye opening and by 10%
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and 7% when comparing horizontal eye opening at 10Gbps and 15Gbps respectively.
These improvements become significantly higher when the channel is subjected to severe
crosstalk noise sources. Additionally this architecture mitigates the circuit design issue
related to tight DFE loop timing and convergence.

Second, a novel pilot-based clock and data recovery (CDR) circuit is introduced that
eliminates the clock recovery performance dependency on channel ISI components. A
5Gbps CDR prototype was designed and fabricated in a 0.13um CMOS technology which
uses simultaneously data and clock transmission over the same channel. The measured
recovered clock rms jitter was 1.6ps while only a 5% voltage overhead was imposed onto
the transmitter for the pilot signal when subjected to a channel loss of 10dB.

Third, a 5.6GHz transmit phase-locked-loop (PLL), prototyped in a 0.18um CMOS
technology, is also presented which dynamically corrects the charge-pump (CP) current
and reduces the side-band spurs by 22dB and therefore improves the jitter quality of
the PLL generated clock.

Finally a unified configurable I/O transceiver solution is introduced that takes ad-
vantages of all the architecture schemes and circuits proposed throughout the thesis for

future chip-to-chip communication ICs.
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Chapter 1

Introduction

1.1 Broadband Chip-to-Chip Communication

The emergence of digital data communications has created a distinct turning point in
the history of communication technology by eliminating some limitations in analog voice
and data transmission. Digital communications provide a compatible domain for inter-
connection of various digital systems. Perhaps telegraphy and teletypewriters are the
predecessors to most of today’s digital communication systems where the information
is transmitted in digital domain in both systems. Following the basic development of
digital communication theory, various applications appeared through the years using
data processing and transmission. With the advent of large scale integrated circuits
(IC) in 1960 followed by the internet in 1969, the need for higher data throughput and
bandwidth has substantially increased. The development of IC technologies provided the

realization possibilities for higher frequency ICs but at increased manufacturing costs.
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Figure 1.1: I/O and processor technology roadmap

The invention of CMOS in 1967, the most integrated and cost-effective technology avail-
able to date, was a turning point that ushered in the desired future roadmap for high
performance computing at a much lower costs.

Moore’s scaling law for CMOS technology has suggested a doubling of the number
of on-chip transistors every eighteen months over the past decades, which is correlated
with increased performance of transistors at a constant cost. The demands for increasing
computing performance and parallel processing have been growing and therefore moti-
vating the research, development and production of high performance interconnected
systems. But there is a distinct and historical offset between the achievable off-chip
I/O systems performance as compared to on-chip computing performances. This per-

formance difference is associated with off-chip bandwidth limitation of circuit building
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Figure 1.2: HyperTransport and PCI-Express examples illustrating high-performance

interconnection for processor-processor and processor-graphic cores

blocks. The illustrated gap in Figure 1.1 has been the major motivation behind the
enhancement of more sophisticated I/O links both in academic and industrial research
and production. 1/O systems have a wide range of applications such as servers, desktops,
internet links, gaming consoles and sophisticated graphic chips. A familiar example can
be found inside today’s PCs, where high-speed links are used to interconnect multi-core
processors, processors to memory and processors to graphic processors. Figure 1.2 shows
a current example of “AMD” high-performance platform including high-speed links, such
as “HyperTransport” and “PCI-Express”, to interconnect processor cores and processors

to graphic cards.

1.2 High-Speed Link Schemes

A high-speed link is a synchronous system which is composed of a transmitter, a medium
channel which carries the signal and a receiver block. Clock information is extracted at

receivers and the recovered clock is used to re-sample the incoming data for further
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Figure 1.3: Embedded clock I/O. Clock and data are transmitted over the same channel

back-end processing. High-speed links can be categorized into two main classes based on
clocking schemes, namely Plesiosynchronous and Source-synchronous classes. Plesiosyn-
chronous systems can have a frequency offset between their transmitter and the receiver.
The clock information is embedded in data by sending a stream of non return-to-zero
(NRZ) data from the transmitter on the same wire as data as shown in Figure 1.3. The
receiver uses one of the clock and data recovery (CDR) schemes discussed in chapter 2.9
and recovers clock and data [3,4]. The CDR is designed to track both the frequency
offset and data phase to align the received data and the recovered clock. The CDR can
also restore clock information from a local PLL at the receiver running off a crystal oscil-
lator which usually has a 200-300 ppm frequency variation with respect to the transmit
clock. Source-synchronous schemes shown in Figure 1.4 sends the frequency information
on a separate clock line from the transmitter to the receiver, rather than the data chan-
nel. Closed loop phase alignment circuits, like delay-locked-loops (DLLs), are used to
align the received clock and incoming data stream [4]. Various coding and equalization

schemes are used in transmitters, receivers or a combination of both depending upon the
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Figure 1.4: Source synchronous I/O. Clock and data are transmitted in two different

channels

signal quality requirements, as will be discussed in the next chapter.

1.3 Thesis Organization

Due to system and circuit non-idealities, it is quite challenging to achieve the projected
off-chip I/O bandwidth indicated by International Technology Roadmap for Semiconduc-
tors (ITRS) as will be discussed later in chapter 2 [5]. Digital communication techniques
such as equalization and coding are used widely in high-speed links to overcome these
limitations. This thesis presents several architectures and circuit techniques which im-
prove the performance of current I/O systems for future generation chip-chip I/O systems
at increased data rates.

Chapter 2 gives an introduction to traditional high-speed link architectures and some
critical building blocks. This chapters also explains some major circuit and architecture
limiting issues in current I/O systems with increased data rates.

Chapter 3 proposes a novel architecture and theoretical analysis based on partial



response equalization to optimize the signaling and equalization which can be applied
to majority of today’s chip-chip I/O applications. In this scheme, the signaling band-
width is reduced and therefore the system performance was improved significantly by
incorporating the crosstalk noise into the link optimization problem. The architecture
will be shown to improve the design limitations existing in traditional nonlinear receiver
equalization techniques.

Clock and data recovery circuits and their interaction with other 1/O building blocks
is one of the most tedious problems in chip-chip communication. The current issues
become more pronounced with the solid trend in growing data throughput and therefore
the bandwidth of I/O systems. Many of these circuits use a traditional edge-based
CDR loops for embedded clock schemes where their output performance are sensitive
to incoming data patterns. Chapter 4 presents a pilot-based CDR scheme along with a
low power circuit solution which decouples the timing recovery loop performance from
incoming data pattern. This concept will be verified both at the system level by analysis
and simulation and at the circuit level by measured performance results of the designed
prototype chip in a 0.13um CMOS technology.

As briefly described in Section 1.2, transmitter clock generation is of an extreme
importance in determining the overall performance of synchronous links as well as many
of today’s wireless systems-on-a-chip (SOCs). Transmitter clock generators, PLLs, which
are used to clock the output data stream onto the channel and the receiver, define the

quality of the recovered clock at the receiver in a given design. Reference side-band spurs



are one of the main factors which adversely impact the jitter quality of the generated
clock as well as the output phase noise. Chapter 5 introduces a novel low-spur single-
ended charge-pump (CP) PLL which uses a modified CP circuit to reduce the generated
reference spurs from the PLL. The design outperforms the previous published techniques
and is supported by the measurement results from the designed chip in a 0.18m CMOS
technology.

Chapter 6 concludes the thesis with a summary of results from the previous chapters
and sets the stage and direction for future research to enhance the features of individual
designed blocks. This chapter also proposes an advanced configurable transceiver solu-
tion by applying a combination of techniques presented in the prior chapters for future

I/0O links.



Chapter 2

Background

2.1 Signal Integrity Basics

Signal integrity ensures reliable transmission of a data stream from the transmitter to
the receiver with minimal, ideally zero, error in a communication link. Figure 2.1 shows
the most common components in a typical high-speed link for chip-to-chip applications.
Most of the current links include a transmitter, interface to board such as wirebonds
and package, a channel and a receiver front-end circuit. Most of the available links use
pulse amplitude modulation with two levels (2-PAM), known as on-off keying (OOK),
with an ideal rectangular pulse shaper.

Figure 2.2 shows an ideal transmit data stream sent from the transmitter and the
received waveform at the receiver front-end at the output of the channel. The received
data is deteriorated because of the transmitter and receiver circuits limited bandwidth,

channel loss, discontinuities such as connectors and vias on printed circuit boards (PCB)
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Figure 2.2: Typical transmit data bits and the distorted received signal due to limited

bandwidth

and also package fixtures.

2.2 Channel Model

Channels used in chip-chip communication can be either a Microstrip or Stripline struc-

ture. These structures may be modeled using transmission line differential element as
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Figure 2.3: Channel frequency response and loss mechanisms with and without discon-

tinuity and simple equivalent transmission line model

shown in Figure 2.3 where “R” is the conductance loss per unit distance including skin
effect,“L” is the inductance per unit distance, “C” is the capacitance per unit distance
including the fringing capacitance and “G” is the dielectric loss. Frequency dependent
channel loss, which is the cause of the low-pass response behavior, is one of the major
non-ideality factors which limits the overall system throughput in high-speed links. Fig-
ure 2.3 shows the typical channel frequency responses observed in 1/O applications with
and without connectors, risers and various discontinuities. The channel notches shown
in the figure are due to reflections from discontinuities such as connectors, risers and
package fixture.

FRA4 is the cheapest and most attractive substrate material solution used by mother-

broad vendors in the PC, and server business where high-speed channels are routed in

10



chip-to-chip applications. Unfortunately FR4 board material has a poor quality (hence,
cheap) and is significantly lossy, low bandwidths, at high frequencies which results in ISI
and impedes the increasing demand for pushing the data rate for inter-chip communica-
tion. Skin effect and dielectric loss are the two major loss mechanisms associated with
channel loss. Skin effect loss is proportional to 1/1/f while dielectric loss varies with 1/ f
where f is the frequency of operation. This makes the skin effect a prominent factor at

lower frequencies while dielectric loss dominates at higher frequencies.

2.3 Inter-Symbol-Interference (ISI)

There are various flavors of ISI definition in both digital communication and circuit
design [6,7]. ISI is the interference of the previous transmitted symbols with the current
received symbol at the decision device, slicer, which affects both voltage and timing
margin of the received symbol and therefore the receiver decision. The major causes of
ISI are the limited channel bandwidth, transmitter and receiver circuits, and therefore
a finite memory in the system impulse response when evaluated at the symbol rate
intervals.

A general 1/0 system shown in Figure 2.1 can be simplified and analyzed using linear
time-invariant (LTI) system theory. The overall system impulse response, defined here
as h(t), is the convolution of transmitter impulse responses, channel and receiver circuits
impulse responses. The transmitter impulse response is defined as the convolution of

an ideal rectangular pulse, pulse shaper, and impulse response of transmitter circuits.
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This relation has been shown in equation (2.1) where hy,(t) is the transmitter impulse
response, hgp(t) is the channel impulse response and h,,(t) is the receiver circuits im-
pulse response. The transmitter impulse response is normally dominated by the limited
bandwidth of final output driver stage while the receiver impulse response is usually
defined by the bandwidth of the front-end amplifier circuits.

In this equation, x(n) represents random 2-PAM data stream at the transmitter,
h(n) is overall system response and y(n) is the signal at discrete time indices of “n”. ISI
is the values of y(t) sampled at symbol period, and when evaluated at all discrete times
“” when [ # n as in( 2.1). Timing recovery loops also impact the timing margin of the
received signal and in more complicated cases might even affect its voltage margin i.e.
when timing recovery is used with adaptive equalization [8,9]. Later in this chapter we

will discuss the impact of timing recovery loops on the overall receiver performance.

h(t) = hi(t) * hep(t) * hpyg(t)
y(n) = a(n)xh(n)= > h(kT)x(n - k)

k=—o00

ISI = y(l) when l#n (2.1)

2.4 Crosstalk Noise

Source-synchronous links such as HyperTransport have long and complicated PCB data
channel routings [10]. The production cost is highly impacted by channel routing area

which can be reduced substantially by smaller spacing, and the clearance between high-

12



Figure 2.4: FEXT time domain response for a victim line with two aggressors

speed lines. High-speed lines running adjacent to each other show the coupling effect
which is simply an induced signal from an aggressor line on the neighboring channel,
victim, as shown in Figures 2.4 and 2.5.

Figure 2.4 illustrates far-end crosstalk (FEXT) which is the coupling term at the
receiver induced by the aggressor transmit signal and after being attenuated by the
channel. Near-end crosstalk (NEXT) is caused by neighboring aggressor signals and
before channel attenuation in bi-directional links as depicted in Figure 2.5. NEXT can
severely impact the quality of received signals in hard drive applications i.e. SATA and
SAS standards [11]. As illustrated in Figures 2.4 and 2.5, the victim channel is turned
off in order to demonstrate crosstalk induced noise.

Crosstalk results from two major sources of interaction- capacitive and inductive,

which can occur in various system blocks like channel, connectors, package balls and

13



Figure 2.5: NEXT time domain response for a victim line with two aggressors

leads in multi-lane applications. Therefore crosstalk only impacts the received signal at
the transition points of the aggressor signal as it has a high-pass (derivative) nature.
Capacitive coupling causes the crosstalk components which are in phase with aggressor
signal while inductive coupling results in the crosstalk terms with 180 degree phase
shifted with respect to the aggressors [4]. Crosstalk from aggressors degrades both the

voltage and timing margin at the receiver sampler and the overall signal integrity.

2.5 Timing Noise (Jitter)

Clock, or timing reference is used to re-sample the received signal in all synchronous
schemes discussed in chapter 1.1. The period of the recovered clock (and therefore its

frequency) deviates from the nominal value of Ty due to various noise sources and band-
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Figure 2.6: Total jitter relation with random and deterministic jitter PDF

width limitations. The threshold crossing point of the recovered clock has uncertainty
and deviates from the nominal point. This deviation is called timing noise or jitter and
is normally used by high-speed wireline community as a metric to evaluate the quality
of generated or recovered clock. Timing noise impacts the overall system performance as
will be explained in the next section. Jitter is the time domain translation of phase-noise
which is commonly used in the wireless system design jargon. More specifically, jitter
is the square root of integrated phase-noise within the receiver bandwidth when scaled
with the clock nominal frequency [3].

There are two major jitter components- random for example thermal noise and de-
terministic such as data-dependent. Random jitter is modeled by a Gaussian PDF which
is valid when the dominant noise in the system is thermal. Jitter can also result from
a random voltage noise at the crossing point of the signal which is inversely propor-
tional to the signal slope evaluated at the threshold crossings. Data dependent jitter
stems from the received signal threshold variation due to data pattern changes. This is
mostly because of limited bandwidth of the whole system [12]. Deterministic jitter is
normally modeled by non-Gaussian PDF or with a dual-dirac model [13]. As equations

(2.2) and Figure 2.6 demonstrate, the total jitter PDF is a convolution of random jitter
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and deterministic jitter and total jitter variance is the summation of random jitter and
deterministic jitter variances assuming that the timing noise sources are uncorrelated.
It is worth noting that commonly used term of jitter rms, Jyms, i square root of the
total jitter variance and jitter peak to peak, J,_p, is the maximum deviation of threshold

crossing point in the receiver recovered clock.

PDFTJ = PDFRJ*PDFDDJ

oty = OR;+0bpy (2.2)

2.6 System Performance Analysis

The performance of high-speed 1/0O systems are evaluated and measured by BER num-
bers for example 10712, 10715, etc., which actually represents the probability of detection
error, P, in these systems. Recalling from digital communication basics, P, is defined
as in equation 2.3 in a 2-PAM constellation. P, is either due to voltage or timing noise,
resulting in an erroneous decisions at the receiver and as depicted for both voltage and
time decision error in Figure 2.7 [14]. Assuming the random noise is the dominant noise
source which is modeled by a Gaussian PDF with variance of o2, BER of the system
can be defined as in equation (2.3) where y is the received signal and v, is the decision
threshold for 2-PAM signaling [6].

The analytical calculation of BER in equation (2.3) is a powerful tool and can be
used similarly for various constellations in digital communication. But it is practically

impossible to use this equation as an accurate evaluation of overall system performance
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Figure 2.7: 2-PAM simplified eye diagram with voltage and time error decision thresholds

in real designs. It is quite complicated to model and apply the statistics of all noise
sources using the relation in equation (2.3). Therefore, I/O designers normally use eye
diagrams to characterize the system performance. BER analysis and measurement are

then performed as the last step in the system performance evaluation.

P.=Pr(y(n) =1]z(n) =0).Pr(z(n) =0) + Pr(y(n) =0 | z(n) = 1).Pr(z(n) = 1)

1 00 —(y—vp)? Yth  —(y—yn)>
BER =P, = ——— / e 2n dy +/ e 20n dy (2.3)
2 n Yth

202 —o0
The eye diagram is created by overlapping a long stream of received signals when
sliced at the time intervals equal to reciprocal of the transmit symbol rate. Figure 2.8(a)
shows a simulated eye diagram for a typical link model with received signal shown in

Figure 2.2 while Figure 2.8(b) depicts the sampled eye diagram for a 5Gb/s received
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Figure 2.8: Simulated and a sample measured eye diagrams for bandwidth limited chan-

nels

signal after a 10” length FR4 channel. The system is characterized by the vertical voltage
and horizontal timing margins which are the resultant of all the existing noise, ISI and
crosstalk induced noise sources. BER can be calculated once the overall jitter PDF is
extracted from the eye diagram crossing points. BER simulations runtime is very long for
low BER value. Long simulations runtime is associated with the approximately unlimited
Gaussian PDF tail of random jitter (or R). Designers use statistical eye diagram which
is a post processing methodology as a solution to this problem and significantly reduces

the length of the simulation time with reasonable accuracy [15,16].

2.7 Equalization

As discussed earlier in this chapter, channel loss and other non-idealities shown in Fig-

ure 2.1 result in signal distortion, ISI and low-pass behavior of the received signal. Equal-
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izers are compensation filters, normally with high-pass frequency response, which boost
high-frequency components of the channel and circuit blocks with limited bandwidth and
ideally result in an overall flat frequency response. In the time domain, equalizers tend to
suppress all IST components of the overall system impulse and pulse response. Equaliza-
tion or bandwidth boosting can be performed either in the analog or the digital domain.
Analog equalizers are normally placed at an I/O receiver front-end combined with the
receiver amplifier. Capacitive degeneration or inductive peaking is used to implement
analog equalizers while incorporating zero-pole tuning capability. Although switching
speed, fr, of transistors in CMOS technologies is increasing but, parasitic capacitance
of metal interconnects becomes more pronounced and therefore the design of on-chip
inductor-less high-pass active filters becomes quite difficult at multi-GHz frequencies as
will be discussed in chapter 4. Analog equalizers can also be implemented using on-chip
high-pass passive filters but since filter characteristics are sensitive to mismatch and
quality factor, Q, of the passive elements, CMOS technology with low Q inductors can
not be a good candidate for these topologies implementation. In addition, tuning of high
frequency on-chip passive filters is not trivial. These facts along with major drive for in-
tegration of current systems makes the digital implementation of equalizers an attractive
alternative in CMOS technologies with programmable features. These high-pass filters
are normally implemented using finite impulse response (FIR) digital schemes with vari-
able number of taps. A combination of digital and analog equalization is used in current

practical solutions for high-speed links as will be discussed later in this section.
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Figure 2.9 illustrates a typical high-speed 1/O circuit while focusing on equalization
and signaling and Figure 2.10 shows the respective frequency and time domain responses
for each block. Transmit FIR equalizer, or pre-emphasis, is used to suppress some of
ISI components or mostly the precursors. Here, the cursor is defined to be the largest
tap in the impulse or pulse response. Since voltage headroom is limited by the power
supply at the output of I/O transmitters, FIR equalizer uses the energy in the main tap
to cancel out the ISI taps. Therefore, the pre-emphasis output is scaled based on power
supply value and the equalized signal has a lower amplitude than before equalization,
but with less or ideally no ISI components as shown in Figure 2.10. The amplitude
reduction or de-emphasis becomes more pronounced when more ISI taps are equalized
by using transmit equalization which puts an upper limit on the number of pre-emphasis
taps to be used at transmitter. FIR filters run on a sampling clock and their power
consumption is directly proportional to the number of taps which makes these filters
quite power hungry for high-speed applications. Hence there is a need to optimize the
number of taps depending on the application. This can encourage the placement of

FIR equalizers at the receiver instead of transmitter. But transmit FIR filters have an
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Figure 2.10: Frequency and time domain responses of various equalizer techniques

advantage of running on a very low-jitter clock while the receiver digital equalizers use
a recovered clock for sampling which is subjected to various noise and jitter sources.
Therefore there is a tradeoff between the equalized signal amplitude and quality while
designing equalizers in the link.

Majority of precursor ISI components are suppressed by transmit or receive pre-
emphasis and also by analog equalizers. Non-linear equalizers such as DFE shown in
Figure 2.9 are commonly used in I/O applications to eliminate postcursor IST components
without a penalty in the equalized signal amplitude. DFE uses previous decisions to
remove postcursor ISI components, and therefore is sensitive to error propagation which
theoretically can be eliminated by using pre-coding schemes at the transmitter. But
such schemes are rarely used in I/O applications due to the possible high implementation
costs [6].

Several well-known digital communication solutions can be used to optimize the FIR

filter tap values such as zero forcing equalization (ZFE), minimum-mean-square-error
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(MMSE) and least mean square (LMS) algorithm for adaptation. Majority of current
high-speed links use ZFE which forces all precursor ISI components to zero and use
DFE to remove the postcursor ISI. This is suboptimal as any input noise source at the
equalizer input is boosted at the output. As will be discussed in chapter 3, MMSE solves
for a combined pre-emphasis and DFE tap values incorporating crosstalk noise into the
optimization problem and therefore does not blindly boost the noise. LMS algorithm
uses a metric such as eye-height, eye-width or the combination of both to constantly
update the equalizer’s tap values.

The current urge for higher speed 1/Os, results in several system and circuit design
obstacles for a cost-effective solution. Some of these bottlenecks are summarized as fol-
lows. Increasing the I/O speed negatively impacts design of DFE circuits in terms of
power and also convergence to the first tap in the quantization loop. The first postcursor
tap needs to be ready at the DFE input for subtraction from the received signal in less
than a bit time Tj;; which is constantly shrinking with increasing data rates. Loop un-
rolling relaxes this loop timing issue by using two parallel paths assuming two values of
“0” and “1” for slicing and a multiplexer which is driven once the decision is made [17].
Also as we explained in Section 2.4, crosstalk noise has a high-pass characteristic and
when applied to an equalizer response, a high-pass filter, its impact becomes more severe
and therefore reduces both voltage and timing margin of the signal at the receiver. In
chapter 3 we will present a more efficient equalization scheme, partial response equal-

ization, and tap optimization for channels with steep roll-offs with substantial far-end
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crosstalk noise from neighboring channels, which improves eye openings at a given speed

and therefore the BER of the I/O systems.

2.8 Reference Clock Generation

I/O transmitters require a high-quality reference clock with minimal jitter as the clock
quality directly impacts the transmit signal at the driver output. Transmit clock is nor-
mally generated using either a ring or LC-tank based voltage controlled oscillator (VCO)
in a PLL circuit to generate the clock for I/O transmitter. Ring VCOs are attractive
as they potentially require a small area but exhibit higher power, phase-noise as well as
jitter values. LC-tank based VCOs can generate higher quality clock than ring based
VCOs for the same power and frequency because of inherent higher Q characteristics.
Reference side-band spurs in the generated clock spectrum, commonly existing in CP
PLLs due to mismatch in phase and frequency detector (PFD) and CP circuits, result
in deterministic timing jitter. The prior work in reducing the reference spur levels will
be explained in chapter 5 [18-20] and later a novel spur reduction technique will be
presented which shows significant improvement when compared to previously published

results.

2.9 Timing Recovery

Several timing recovery techniques such as CDR and DLL based circuits are normally

used to the received signal after partial equalization in current high-speed 1/Os. Partial
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Figure 2.11: Simplified closed-loop timing recovery circuit using an edge-based CDR

equalization is normally needed as the received signal may not have distinct data edges
and the eye may be closed in environments with severe ISI, and therefore edge-based
CDRs is not applicable. CDRs extract both frequency and phase from an incoming
stream of NRZ data. From a digital communications perspective, phase recovery of
incoming stream of symbols without the phase knowledge is a Maximum-Likelihood (ML)
optimization problem. In other words, a second order PLL is an ML phase estimator [6].

The power spectral density of incoming NRZ data stream at receivers in 2-PAM
signaling does not have any component at bit rate frequency; therefore, regular mixer-
based PLLs can not be used to recover the transmit clock. A bit rate tone is generated
in the power spectral density of the resultant signal after applying the NRZ data either
to a nonlinear or a differentiating device, where a PLL can now be used to lock onto this
produced tone. Simple signal differentiating and phase comparison can be performed by
using a flip-flop where the input is fed by the recovered clock and is sampled by NRZ

data [3]. NRZ data phase detection can also be done by delaying the incoming data and
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applying an XOR function to NRZ data and its delayed version [3]. The first method
has a nonlinear and the latter one has a linear phase response. Almost all of today’s
commonly used phase detectors stem from these two basic techniques [3]. Figure 2.11
illustrates a basic edge-based CDR loop, similar to a PLL, where “PD” is the phase
detector, “CP” is the charge-pump, “LPF” is the low-pass filter. The loop recovers the
sampling clock from incoming NRZ data and uses this clock to re-sample the incoming
data through a D-flip flop (DFF) and generate the recovered data. Two commonly used
CDR phase detectors are Hogge (linear), and Alexander or bang-bang. Nonlinear, bang-
bang, phase detectors can be designed for higher speeds than linear phase detectors in a
certain technology because of the very limited bandwidth of XOR used in linear phase
detectors. But nonlinear phase detectors result in larger disturbances on VCO control
lines and therefore jitter as compared to linear phase detectors. CDR loops recover both
frequency and phase of incoming data stream in Plesiosynchronous systems. The loop
bandwidth needs to be at least equal to frequency difference of transmitter and receiver,
which is caused by crystal oscillator difference of about 300ppm. When incoming data
has a severe ISI, i.e. due to channel high-frequency loss, the recovered clock shows
considerable deterministic, data dependent, jitter. In order to suppress the deterministic
jitter components, the CDR, bandwidth is usually reduced which inadvertently impacts
the CDR tracking capability. We will present a new CDR scheme and circuits in chapter 4
with a data independent jitter performance when the received signal is subjected to severe

ISL.
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Figure 2.12: DLL based phase alignment circuit for per data channel timing recovery

Source-synchronous schemes use a forwarded clock signal for every bundle of data
where the number of data signals to be used with a forwarded clock signal is set by
the standard and system timing specifications. Frequency information is sent from the
transmitter to the receiver and the sampling clock phase is recovered by using a DLL
circuit in this scheme. Clock signal is usually sent at a fraction of data rate speed, and is
multiplied up to the bit rate frequency at the receiver using a multiplying PLL or DLL
which adds to the receiver power and area overhead. Figure 2.12 shows a DLL based
phase alignment circuit used in source-synchronous receivers, where the sampling clock
phase is recovered for each data line and the figure shows the closed loop timing recovery
for one data bit. Digital phase mixer or rotator blends multi-phase clock outputs and

feeds the interpolator inputs with two clock phases to produce the fine tune sampling

26



clock. The DLL circuit, phase aligner, has usually a very small bandwidth which al-
lows for tracking slow varying processes such as temperature. Our proposed CDR as
will be described in chapter 4 provides a novel low-power solution which is ISI indepen-
dent and obviates the existing clock channel overhead in source-synchronous systems by

transmitting both the data and clock over the same wire.
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Chapter 3

Constrained Partial Response

Equalizers for High-Speed Links

The persistent demand for increasing data throughput in computer desktops and servers
has pushed high-speed serial links to the limits of their performance. Channel loss and
imperfections in the channel frequency response, due to impedance discontinuities, lead
to inter-symbol interference (ISI) and limit the overall link throughput. Additionally,
crosstalk from neighboring channels causes timing and amplitude errors at higher speeds.
All these non-idealities exacerbate the eye closure at the receiver and adversely affect the
BER of the overall link. Linear equalizers are often used in state-of-the-art high speed
links in order to ensure signal integrity [21]. As discussed in chapter 2, 2-PAM is the
most common modulation for interconnect communication with full channel equalization

where the combined response of the equalizers and the channel is forced to a single
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impulse, i.e., zeroing out all IST components [21-24]. More recently, duobinary and 4-
PAM equalization techniques have been applied in high-speed serial links [23,24]. One
of the major goals of our research is to extend the use of the different equalization
techniques and demonstrate the potential benefits provided by PR channel equalization
for future high-speed links.

The successful use of PR equalization in disk drive channels is well reported [25,26].
Many of these techniques can also be applied to wireline communications when the link
performance is not limited by the used fabrication technology. For a fixed channel,
as the data rate increases, the number of post-cursor and precursor ISI components
increases. Partial response equalization allows some controlled amount of ISI, determined
by a known target PR, to remain in the equalized response. This is in contrary to
conventional full channel equalization, where all the ISI components are forced to be
zero [25,26]. When equalization is done in the transmitter side and in environment with
considerable crosstalk noise, this technique normally results in a larger eye opening at
the receiver. Power supply limitations in practical wireline systems place constraints
on the peak transmit power (peak transmit voltage) rather than the average power as
contrary to many digital communication theoretical analysis. Therefore, this constraint
should always be used when comparing wireline systems [7,22].

In this chapter, a PR equalization and detection framework is presented that equalizes
channels to a near optimal target PR. In other words, the channel is shaped to be

close enough to the desired response, while limiting the architecture complexity for a
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given channel. Practical non-idealities such as impedance discontinuities, crosstalk and
circuits noise are incorporated into the optimization problem. Based on our analysis, an
architecture suitable for a variety of channels is proposed which uses a linear equalizer at
the transmitter combined with a 1-tap DFE at the receiver. This architecture was applied
to a class of channels used in high-speed memory applications, and showed improved
performance when compared to full-channel equalization techniques. Additionally, the
new architecture mitigates the tight DFE loop timing issue and relaxes receiver circuit
design in terms of speed [27].

The constrained PR response equalization technique presented here improves eye
openings and reduces crosstalk impact for a large class of channels used, while main-
taining a simple implementation. Consequently the overall link bit error rate (BER)
reduces. The new proposed transceiver architecture is particularly well suited for high-
speed multi-channel applications due to the mitigated DFE loop timing constraint. In
comparison to duobinary equalization, the proposed PR architecture improves the eye
height and eye width of the receiver by 28% and 10% respectively at 10Gb/s and by
19% and 7% respectively at 15Gb/s. When compared to impulse equalization, the per-

formance improvements are even larger.

3.1 Generalized Partial Response Equalizers

In current day high-speed links, signal integrity issues are usually addressed by equalizing

the distorted signal as described in the previous chapter. The performance is improved
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Figure 3.1: Generalized and constrained partial response equalization technique
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Figure 3.2: Measured stripline and microstripline channel pulse responses

by increasing the number of taps in the transmit FIR equalizer or receiver DFE to
remove the majority of the ISI [21]. Full channel transmit equalization (PR;p) to a
single impulse can result in a smaller eye opening in comparison to PR equalization
when the channel impulse/pulse response has strong IST components. Figure 3.1 shows
a typical serial link channel pulse response which is equalized to a general target PR of
[b1.1.b2.b3.b4] (as the combined response of transmit equalizer and the channel), where
the b;’s are the tap values calculated by an optimization algorithm as will be explained
in section 3.3. As shown later in Figure 3.2, this response is fairly typical of measured
channels with risers and connectors. Forcing all the ISI taps to zero normally results

in a smaller eye opening when the channel pulse response is similar in shape to that
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Figure 3.3: (a) General impulse response at T1_gymp and (b) at To_gyms

shown in Figure 3.1. Not surprisingly, equalizing the pulse response to a target PR
closer to the channel pulse response, i.e. using a matched filter, results in a larger eye
opening at the receiver. Figure 3.1 also shows different PRs that can be used as the
target response during equalization. Here, PR, is the full channel equalization, PR; 1 is
duobinary equalization [24], PRy 132 is the proposed PR equalization and PRy 1.p2.63.54
is the generalized target PR that can be used for higher speeds and certain channels.
In PR equalization, a predetermined amount of ISI is allowed to remain after equal-
ization which can be optimally detected by a maximum likelihood sequence detector
(MLSD). However, MLSD implementations are too complex and require extremely high
power for the speeds required in the state of the art serial links. We propose a novel link
architecture in section 3.3 for the PR; 140 target, which can be used for a wide range
of channels. Figure 3.2 shows measured pulse responses for two stripline channels with
different lengths and a microstrip channel with connectors commonly used in high-speed
links. We noted that the measured pulse responses for the various channels look quite

similar to the model shown in Figure 3.1. Figure 3.3(a) and 3.3(b) illustrate typical
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channel pulse responses at two different rates and their corresponding cursor (main tap),

precursor and postcursor ISI taps. The number of precursor and postcursor ISI compo-

nents are fewer at the lower symbol rate, ﬁ, therefore equalizing all the ISI taps to
Sym

zero results in little or no penalty in the eye opening at the receiver. At higher speeds,

T27;ymb, the number of ISI components increases as shown in the figure and equalizing
them to zero reduces the receiver eye opening. PR equalizers alleviate this issue, improve
eye opening, and limit noise boost. A new link architecture is required to address the
controlled ISI and perform detection. It is worthwhile noting that the implementation
complexity increases when dealing with a more general PR, hence there is a tradeoff in
determining the optimum PR to be used for a particular channel response. Additionally,

when the channel is equalized to a non impulse PR, both the overall occupied signaling

bandwidth and crosstalk are reduced. This is discussed in more detail in the next section.

3.2 Crosstalk in Partial Response Equalization

FEXT is one of the major high frequency noise sources which reduces the signal to
interference ratio in parallel high-speed links, [2]. Full channel transmit equalization
(PR;) is sub-optimal at higher speeds as it has a high-pass frequency response and
boosts the crosstalk noise which has high-pass response by nature as well. Figure 3.4
shows the frequency responses of the different PR equalizers when optimized for a given
channel with a fixed number of taps. As seen in the figure, PR, equalizer boosts the

higher frequencies the most. The more generalized PR target equalizers suppress more
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Figure 3.4: Frequency response of different target PR equalizers

high frequency components. We define a figure of merit (FOM), %, which is the
ratio of RMS received signal to the RMS crosstalk noise from the adjacent lines (FEXT).
This FOM can be used to evaluate PR equalizer performance in high-speed links in the
presence of crosstalk. In fact, this FOM is the effective v/ SNR when crosstalk is the
dominant interference and noise component. Table 3.1 summarizes the FOMs for the
channel model discussed in [2] for different target PR equalizers. Due to the reduced

high frequency boost of the more generalized PR equalizer, they are particularly well

suited for link environments where crosstalk components dominate.
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Table 3.1: Crosstalk FOM for different PR equalization targets for the channel model

with 30” length and 20mil spacings [2]

PR 1 | 1.1 | 1.1.by | by.1.bs | by.1.bo.b3.by
YRe—rms || 19 | 28 34 34 39
YXt—rms

3.3 Novel Architecture for Memory Channels

For each of the measured responses shown in Figure 3.2, the number of ISI components
increase by increasing data rates and a target PR of [1 1 bgy] offers a reasonable match.
Here, bop is the optimum b calculated using the minimum mean square error (MMSE)

optimization algorithm discussed in the next section. For the rest of this chapter we
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Figure 3.6: Microstrip symbol rate pulse response at 10Gb/s

focus on the PRy 1 target. This target is an extension to duobinary signaling (PRy.1)
and yet maintains reasonable implementation complexity. Figure 3.7 shows the proposed
architecture for the PRy 1 target. Just as in duobinary, the precoder is a differential
precoder, which shapes the channel to 1/(1 @5 D) and results in the removal of the prior
bit history from the current symbol [28]. The precoder helps to reduce the receiver
overhead and makes it possible to decide the received data bit on a symbol by symbol
basis. Here, h is the victim channel impulse response and hxp;, VI 2 <1 < m, are the
aggressor(s) (crosstalk) impulse responses. Pre-emphasis taps on the transmitter side
are optimized as explained in the next section. The detector at the receiver includes a

duobinary two-level slicer combined with some simple logic, which detects the transmit
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data at each decision instant [24]. The impact of the known post-cursor tap, bep, is
removed by using a 1-tap DFE and a post-coder which is identical to the pre-coder
shown in the Figure 3.7. The post-coder is needed in order to correctly cancel the
post-cursor ISI tap (bypt). The DFE post-cursor ISI tap (bopt) is delayed by two symbol
periods, i.e., the DFE loop timing constraint is relaxed by nearly 2X in comparison to
traditional DFE architectures. In traditional high-speed links, the DFE loop timing
is a critical implementation issue as the data rate increases. Loop unrolling which is
required to alleviate this timing problem results in increased power consumption due to
its parallel nature [17]. This proposed architecture is an alternative solution for high
speed operation in general and also to DFE loop unrolling due to the additional delay in
the feedback path which relaxes the loop timing problem normally associated with DFE
receivers.

Unfortunately, like other PR equalization schemes, timing recovery is not as straight
forward as full channel equalization since the incoming symbol is the weighted sum
of three consecutive bits and has multiple transitions and levels within each symbol
interval. An extended version of the timing recovery techniques developed for duobinary
and 4-PAM signaling may be required for improved performance [21,23]. Pilot based
timing recovery [29] discussed in the next section can also be a suitable candidate for
PR signaling as it decouples the performance of timing recovery circuit from incoming

data edges. In this section we will primarily focus on channel equalization.
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3.4 MMSE Optimization Problem

An MMSE optimization framework for the transmit equalization taps has been devel-
oped for generalized PR equalizers where crosstalk noise has also been incorporated into
the optimization problem. In this section, we focus on the optimization problem for the
architecture presented in the previous section with a target PR of [1 1 b]. More gener-
alized forms of PR have also been analyzed in our optimization framework but for this
discussion, we only focus on PRy 1. The set of equations in (A.1) is used as a basis
for the MMSE problem and contains the symbols shown in Figure 3.7. Here, x; is the
random input data stream, y; is the equalized transmitted data on the parallel lines, ng
is the sum of the equalized crosstalk noise from adjacent lines at the receiver, s is the
ideal target PR for PRy 14 response and ni is white thermal noise at the receiver with
a power spectral density of o2,. Likewise, h, hx7; and f are the symbol rate channel
impulse response, crosstalk impulse response and equalizer tap vectors respectively. Ad-

ditionally, z, € and J are the received equalized symbol, symbol errors and error power
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respectively.

yk) = (o xf)k), VI1<I<m
M

na(k) = 3 (o xhxr) (k)
s(k) = ;:12(l<:) + (k= 1)+ bay (k — 2)
2(k) = (w1 f#R)(k) +na(k) +na (k)
(k) = s(k)—2(k) = 21(k) + 21 (k — 1) + bay (k — 2) —

(x1 % fxh)(k) —na(k) — ni(k)

J = Ele(k)e(k)] (3.1)

The following criteria hold Vi —L < i < L using the MMSE problem for symbol error

power, J, defined above.

. .
57 =% 3 =" (3.2)
B{[(h*a1)(k — i) + na(k — 9)]e(k)} = 0 (3.3)

Equation (3.3) follows the criteria in (3.2) with J as simplified in (A.1). Rearranging
the above equations leads to the following set of equations Vi —L < i < L with by as
the optimum variable tap in the target PR; 14 and fyy’s as the optimum pre-emphasis

tap values. Further details of these simplifications and relevant assumptions have been
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explained in appendix A.

bopt = Z Jopt(P)A(2 — p) (3.4)

p=—L

h(—i) + h(l —i) = Zfopt )[Zh(m)h(m—p+i)+

p=—L

Z Z hxri(v)hxi(v—p+i) — h(2 —p)h(2 — 1) (3.5)

To provide a closed form expression for fo,:, optimized taps vector, (3.4) can be written

in matrix form as shown in (3.6).
fopt = ho(H + Hxp — Ha) ™! (3.6)

The elements of h, and the square matrices H, Hxr and Hy are defined for Vi, p with

—L <i,p < L as follows.

ho(i) = h(—i) + R(1 — i) (3.7)

= [Zh(m)h(m—p—i—i) |

Hxp = [Z ZhXTl hXTl U_p"i_l)

Hy := [h(2 = p)h(2 — )],

pt

Likewise, Jyun is obtained by replacing the equalizer tap vector (f) and the variable tap

value (b) with their optimum values for the J as shown in (A.1). Jyp is often used as
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Figure 3.8: J,, variation vs. number of TX equalization taps and different PRs

a performance comparison metric as explained in the next section.

L
Jmm = 2+ (fopt * h)(fopt * h), - bgpt -2 Z fOPt(p> {
p=—L

M

h(_p) + h(l _p)} + Z{(fopt * hXTl)(k;)

=2
(fopt * hxrt) (k)} + 02y (3.8)

3.5 Performance Comparison of PR Equalizers

In this section, we discuss the link performance results for the different target PR equal-

izers. The frequency responses of the measured channels are shown in Figure 3.5 which
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Figure 3.9: PR equalizer eye diagram at 10Gb/s, (a)PRy(b)PRy.1(c)PRy.1.p with by =

0.0515

correspond to the pulse responses shown in Figure 3.2 earlier. High-level Matlab models
were developed for simulating the link behavior for various target PRs at different speeds
with the built-in optimizer discussed in the previous section. As discussed in Section 3.1,
the choice of the optimum PR depends on the channel pulse response and also on the
data rate at which the link operates.

The minimum symbol error power, Jpn, is a suitable FOM for the comparison of
various equalizers and also for different target PRs. This parameter is closely correlated
to BER of the link, but unlike BER, J,,;, can be calculated directly from the MMSE
problem as in the previous section, which makes the comparison process much easier
than simulating the BER. We use the J,,;, results as a primary guide to compare the
different target PRs and eye width and eye height for the final comparison metrics in
this research. As mentioned before, the TX peak voltage is limited to a fixed value for
all the cases presented in this section. The channel used for the simulations is a 12”

channel with connectors where Figure 3.5 shows its frequency response and Figure 3.6
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Figure 3.10: PR equalizer eye diagram at 15Gb/s, (a)PRi(b)PR1.1(c)PR1.1. with bop

= 0.0613

shows its pulse response.

This channel is an example of commonly used channels in current high-speed links
and is used for the simulation results in the current section. In this example, there
is only small amount of crosstalk, intentionally by optimizing the interconnect design,
and therefore the residual ISI is the dominant factor in the eye closure at the receiver.
Figure 3.6 is the sampled pulse response of the discussed channel at 10Gb/s, which is
a close match for the target PR of [1 1 b]. For data rates above 10Gb/s and for the
current channel data, PRy 1, performs better than both PR, and PRy equalizations.
The value of the optimized parameter, by, varies with the data rate. Figure 3.8 shows
Jmin values for the different target PRs for the given channel. For each simulation, Jp,;,
is illustrated while number of TX equalizer taps were changed.

As most of the recently published results on high-speed links use more than three pre-
emphasis taps, Figure 3.8 highlights the region for a practical number of pre-emphasis

taps. The figure shows a reduction in the minimum achievable symbol error power by
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Figure 3.11: Variation of optimized b,y versus data rate for the channel in Figure 3.4

using the more generalized PR equalizers. The best performance is provided by PR 14
(lowest Jmin) when compared to PRy and PRy equalizations. PR equalizers with a
larger number of taps results in lower residual ISI and correspondingly lower Jp,;,. As
illustrated in the figure, J,,;, does not improve for tap numbers greater than 15 due
to the complete cancelation of ISI. However, the difference in the performance floors
are due to the residual crosstalk, clearly illustrating the reduced noise boost caused by
PR;11p. Eye diagrams at the slicer input are a commonly used metric in high-speed
links for comparison purposes. As discussed in section 3.1 and illustrated in Figure 3.3,
increasing the speed changes the shape of pulse response and normally reduces the main

tap amplitude. Figure 3.11 depicts the variation of optimized feedback tap, by, for the

45



discussed channel versus data rate when it is been normalized with respect to the main
tap. The variation shape of b,,; varies from one channel to another and a general trend
is not expected for all the channels.

Figure 3.9 shows the received slicer input eye diagrams at 10Gb/s using PRy, PRy 1
and PRy 1p. The variable optimized tap, by, is canceled by a 1-tap DFE in PRy 1. As
seen in the figure, PR; 1 has a larger eye opening when compared to PR; and PRy 1
equalizations at 10Gb/s. Increasing the speed while keeping the number of TX PR equal-
izer taps unchanged leads to more residual ISI in PR; equalization, which can further
reduce the RX eye opening as explained in section 3.1. Figure 3.10 shows the receiver
eye diagram for the PR; 1, at 15Gb/s. As seen in the figure, while PR; equalization
results in a completely closed eye at the receiver, PR; 1 outperforms PR; 1 (duobinary)
equalization. The eye diagram results show the potential improvements offered by PR
equalization in current and future links at higher data rates. The improvements pro-
vided by PR equalizers are expected to be more pronounced at higher speeds and more
dense interconnects. A summary of the link simulations for the different equalization
strategies is shown in Table 3.2 for a typical 12” channel with connectors. At 10Gb/s,
PRy resulted in a 49% and 28% larger eye height and a 10% larger width when com-
pared to PR; and PR equalizations, respectively. At 15Gb/s, PRy equalization has
a completely closed eye. However, in comparison to PR; 1, PRy increases the eye
height by 19% and the eye width by 7%. These promising results combined with its

suitability for high speed and low complexity implementation shows that PRy 1, is an
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Table 3.2: Performance summary for 12” microstrip with connectors

PR || Eye-H(mV) Eye-W(UI) Eye-H(mV) Eye-W(UI)

10Gb/s 10Gb/s 15Gb/s 15Gb/s

1 72.5 0.56 0 0
11 84.6 0.56 35.7 0.44
11b 108.2 0.62 42.7 0.47

excellent candidate for future high-speed multi-channel links.

3.6 Performance Comparison of PR Equalization with

Crosstalk Noise

In this section we focus on the performance evaluation of PR transmit equalization at
the presence of crosstalk noise. Unlike the previous section, the channel design was
not optimized for crosstalk effect and the spacing between the aggressor and the victim
channels were reduced to have an increased amount of crosstalk noises [27]. The first
experiment uses transmit PRy ; equalization while crosstalk noises were not incorporated
in the MMSE optimization problem of section 3.4 although crosstalk noises were applied
to the victim channel.

The equalization taps have been calculated excluding the aggressors’ crosstalk noise
impact; therefore, we expect the result to be sub-optimal as discussed in section 3.2.

Figure 3.12(a) shows the result for this simulation setup. When incorporating the ag-
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Figure 3.12: Impact of crosstalk noises on PR transmit equalization (a) Eliminating

crosstalk noises from MMSE problem (b) Including crosstalk noises in MMSE problem

gressors’ crosstalk noise in the MMSE optimization problem, calculated equalizers taps
are different from the previous case and eye height and eye width are improved by 38%
and 21.4% correspondingly as depicted in Figure 3.12(b). Figure 3.13(a) and 3.12(b)
show the result for the same simulation setup and when PRy 1, was used for PR equal-
ization target. As shown in the figures, both eye height and eye width improved by
72.3% and 25% respectively. The improved eye opening for PRy 1, versus PRy is jus-
tified since 1.1.b is a better match for the used channel pulse response. Therefore the
IST components are reduced and the impact of crosstalk noise sources are substantially

suppressed.
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3.7 Summary

The benefits of PR equalization and the impact on crosstalk has been presented in this
chapter and a novel architecture for chip-to-chip I/O transceivers was proposed. The
receiver architecture for PRy 1 relaxes the DFE loop timing issue, allowing for a speed
increase of nearly 2X compared to traditional DFE receiver implementations in the same
technology with little or no impact on the complexity. An MMSE optimization problem
was developed and PR equalizer performance was compared for some typical channel
cases. Our simulation results, based on measured channel responses, indicate that the
receiver architecture with a target PR of [1 1 b] outperforms both full channel (PR;) and
duobinary (PR 1) transmit equalizations for a wide range of channels. Finally, using
PR 1 signaling suppresses crosstalk noise at the receiver due to inherent attenuation

characteristics of partial response equalizers as discussed in section 3.2 and illustrated
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in section 3.6. PR equalization is a promising candidate for high-speed links which
can potentially reduce the crosstalk noise, by reducing the signaling bandwidth which
results in an increased receiver eye opening, and consequently lower BER. In addition, we
demonstrated that incorporating the crosstalk noise in the MMSE optimization problem
is critical and needs to be studied for individual channels. Incorporating crosstalk noises
when used with transmit PR equalization can enhance the eye opening at the receiver

and therefore improving the BER and the link performance.
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Chapter 4

Pilot-Based CDR Scheme for

High-Speed Links

As discussed earlier in chapter 2, clock and data recovery techniques are used in Ple-
siosynchronous high-speed links where a frequency offset may exist between the trans-
mitter and the receiver [4]. Most high-speed serial links employ traditional edge-based
clock and data recovery techniques as discussed extensively in [3]. Clock frequency and
phase is extracted with the help of a PLL that detects and locks onto the transitions in
the received data pattern. The performance of such techniques, however, is dependent
on and limited by the quality of the data edges in the received signal. The transition
density of the received data is important to prevent the CDR from drifting. A common
technique to guarantee a minimum transition density is to utilize run length limited

(RLL) codes at the cost of reduced overall signal throughput [3].
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CDR clock quality and power ultimately affects the timing margin, power efficiency
and performance of the high-speed link. In CDRs, the quality of the received data
transitions is important to reduce the deterministic jitter components in the recovered
clock. For example, residual ISI after equalization and crosstalk induced noise [12] at
the data transitions can negatively impact the quality of the recovered clock. A com-
mon approach to mitigate the effects of data dependent interference on the data edges
is to reduce the CDR bandwidth at the cost of reducing the CDR tracking bandwidth.
A second order CDR is normally used to track any frequency difference between the
transmitter and receiver in Plesiosynchronous systems. The CDR bandwidth is con-
strained to the frequency difference between the transmitter and receiver. Therefore,
data dependent jitter is not completely eliminated in the presence of large deterministic
interference. For example, large deterministic ISI in controlled-ISI signaling schemes
(duobinary [23,24] and analog multi-tone [30,31]), or in predictive DFE [32] can result
in bi-modal or multi-modal jitter distribution which further complicates the traditional
CDR hardware [32].

The clock can also be extracted from the data by passing the received NRZ data
through a nonlinear element to generate a tone at the bit rate frequency in spectral-line
clock recovery schemes [3]. A PLL is subsequently applied to lock onto the generated tone
using either linear or nonlinear phase detectors (e.g., mixers, D-flip-flops etc) [3,33,34].
Unfortunately, as discussed above, the tone generated from incoming data is disturbed

by both ISI induced noise and crosstalk from neighboring channels and requires a high
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data transition density.

Source-synchronous, clock forwarding, is another technique which uses a dedicated
wire to carry the clock signal for a bundle of data wires as used in the HyperTransport
standard [10]. However, the overhead of the extra wire may be unacceptable in certain
standards. An alternative to source-synchronous techniques is embedded clock where
a clock tone is encoded in the transmit symbol and is extracted from the data stream
using a decoder at the receiver [35-37]. As a consequence, the design of high-speed low-
power CDRs that generate high-quality clocks continue to be a challenge in the design
of high-speed electrical links.

This chapter presents a novel pilot-based CDR scheme for high-speed chip to chip
communication, which alleviates the data and ISI dependencies of data-aided CDRs
without changing the data frequency spectrum and signaling levels. This technique
eliminates the overhead of an additional wire for the clock and does not require data
encoding and decoding while being compatible with most of available standards using
NRZ signaling [29,38]. A low-amplitude bit rate clock signal, i.e., a pilot, is added to the
transmit signal, placed at the notch of the NRZ data spectrum, and is sent over the same
channel as the transmit data. The synchronously transmitted clock tone is extracted at
the receiver using a novel low power circuit solution, which is used to drive the receiver
front-end samplers. The performance of the CDR technique is demonstrated using a
5Gbps differential receiver fabricated in a 0.13um IBM CMOS technology. The technique

presented in this chapter decouples the clock recovery process from the equalization and
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Figure 4.1: The proposed architecture using a pilot-based CDR, with pilot frequency

equal to bitrate

data edge conditioning process at the cost of a small ~5-10% pilot voltage overhead to
the transmitted data.

The rest of this chapter is organized as follows. The proposed architecture is described
in Section 4.1; while system-level design tradeoffs are presented in Section 4.2. A low
power circuit solution is described in Section 5.4 followed by the circuit design details for
the receiver blocks and the measurement results are presented in Section 5.5. Section 5.6

concludes the chapter and provides ideas for further development.

4.1 The Proposed Architecture

Figure 4.1 shows the block diagram of the proposed architecture. The transmitter sends
a low-amplitude narrow-band clock signal, the pilot, with the NRZ data over the same
channel [39]. The receiver front-end has two distinct parallel paths, one for clock recovery
and the other for data recovery. The clock recovery path includes a high-Q bandpass

filter at the pilot frequency which extracts the transmitted pilot signal and attenuates
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the majority of the NRZ data energy and thermal noise away from the pilot. The
high-Q bandpass filter can be realized by using a PLL or an injection locked oscillator
(ILO), as will be discussed in the later sections, to lock on to the pilot signal. The
data recovery path uses conventional analog or digital equalization techniques, including
linear or nonlinear (DFE), to compensate for ISI. Since the pilot signal is periodic at the
bit rate, it appears as a DC component at the sampler within the receiver which can be
removed with DC offset cancelation techniques if needed. Although the pilot and data
are subjected to the same channel, they are not necessarily phase-aligned at the receiver
since the pilot is a narrow-band signal while the data is a wide-band signal. Therefore, a
phase-shifter (¢) needs to be placed either at the transmitter, delaying the pilot before
being added to data, or at the receiver, delaying the recovered clock, to adaptively adjust
the phase of the recovered clock as required.

The presented CDR architecture sends the frequency information to the receiver,
similar to source-synchronous technique; however, eliminating the need for an additional
wire carrying the clock signal. In addition, this proposed scheme, to first-order, decouples
the recovered clock performance from the data edges that are subjected to channel ISI
and other nonidealities at the cost of a voltage overhead at the transmitter. However,
as we will show later in Section 4.2, with the right choice of the pilot frequency, this
overhead could be minimal. In the following section we will discuss some of the design

tradeoffs for the proposed scheme.
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4.2 System Level Analysis and Tradeoffs

The receiver for the proposed clock recovery path can be appropriately modeled as a
high-Q bandpass filter with a bandwidth of BWgpgr. The input to the receiver is the
summation of the pilot, and the wideband NRZ data. From the clock recovery circuit’s
perspective, the pilot is the signal of interest and the wideband NRZ data along with
any electronic noise from the receiver front-end is the unwanted “noise”. The frequency
spectrum of the aggregated data and pilot for two different choices of the pilot frequency,
half bit rate and full bit rate pilot, are illustrated in Figure 4.2(a) and Figure 4.2(b)
respectively. The data induced disturbances are shown with dashed lines in Figure 4.2.
The data induced noise may be considerable when the pilot frequency is equal to half of
the bit rate as depicted in Figure 4.2(a). Ideally, the power spectral density of an NRZ
data stream at the output of the transmitter is a Sinc?(w) function, which has zeros (or
notches) at the bit rate and integer multiples of the bit rate frequency. Therefore, the
choice of a pilot frequency that is placed at the NRZ data notch results in little or no
data induced energy within its vicinity as shown in Figure 4.2(b).

The high-Q bandpass filter can be realized using either a mixer-based PLL or an ILO
circuit. Section 5.4 describes in detail the ILO circuit implementation and its advantages
in comparison to the PLL. An accurate analytical noise model for an ILO circuit that
includes the detailed noise performance is not available. However, it is been shown that
the closed loop behavior of an ILO is similar to that of a first-order PLL [40], and for

this reason we shall use a PLL model for our system level analysis and design tradeoffs.
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The conclusions from this section can be applied to our circuit level implementation in
Section 5.4.

Figure 4.3(a) shows the mixer-based PLL and Figure 4.3(b) illustrates the respec-
tive mathematical model reported in [1] where the input is the summation of a narrow
band pilot signal with amplitude A and wideband noise with spectral density of Ny.
In Figure 4.3(b), np_pp(t) is the down-converted input noise, and K4, K,, F(s) are
phase detector (here mixer) gain, VCO gain and filter transfer function respectively. It
is worthwhile to note that the mixer gain impacts both the input signal and noise while
the input signal amplitude appears as a gain term only on the signal path.

For large SNR values at the input of the mixer-based PLL, the closed form variance of
the noise on the recovered phase is given by (4.1) [1]. As shown in (4.1), the loop gain has

a proportional term to the signal amplitude (A) which directly affects the feedback loop
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Figure 4.3: Mixer base PLL receiver (a) Mathematical model presented by Viterbi (b) [1]

bandwidth. The impact of input signal amplitude on the bandwidth is determined by
the loop filter order. In a first-order system (F'(jw)=1), for example, the loop bandwidth
is directly proportional to the signal amplitude (A).

1 > N() KdKUF(]w)/jw

2 2
-— [ =22 dw = NoBW, 41
70T or | 2 1—|—A.Kd.K1,.F(jw)/(jw)’ e (4.1)

For the feedback loop of Figure 4.3(b), the recovered clock power is given by A?/2,
and it can be shown that the RMS jitter of the extracted clock (Jyms) is expressed
by (4.2) [1]. Here, BWpgs, is the data bandwidth (which is proportional to the bit rate
and is assumed to be much larger than BWepr), P,p is the received data power, A is the
received pilot signal amplitude, and S is a constant obtained from simulation. A is equal
to the transmit pilot amplitude times the channel attenuation at the pilot frequency. In a

first-order system, since BWopr is linearly proportional to the received pilot amplitude,
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the rms value of the jitter only improves with the square root of the pilot amplitude
(ﬂ) In higher order systems, the relationship would be slightly different, but is
always sub-linear. Equation (4.2) holds for an arbitrary choice of the pilot frequency

within the data bandwidth.

2 = 1 _ 2P BWebpr
e SNROut A? BWData

4.2.1 System Level Simulation

Several choices could exist for the pilot frequency. Equation (4.2) indicates that when the
data power within the CDR bandwidth is small, a smaller pilot amplitude is required
to achieve the same jitter performance. To investigate these choices the receiver was
modeled in Simulink/Matlab using a PLL. The data bandwidth was 5GHz and the PLL
used a second-order loop with a loop bandwidth of 40MHz. Additional PLL parameters
were selected to ensure a phase margin of 80° and appropriate stability. The ratio of the
pilot amplitude to the data amplitude was varied for two separate sets of simulations, for
a bit rate pilot and a half bit rate pilot as shown in Figure 4.2, while the data amplitude
was kept at a fixed value of “1V” peak. The recovered rms jitter was then measured for
each case as tabulated in Table 4.1. As shown in the table when the pilot is placed at
the bit rate frequency, data disturbance to the recovered pilot is minimal because of the
Sinc?(2n f) behavior of the data spectrum. For a pilot placed at the bit rate frequency,

a more accurate version of (4.2) can be derived as follows.
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The first term in (4.3) represents the thermal noise power within the CDR bandwidth
while the second term represents the integrated data induced noise within the CDR
bandwidth. Here « is a constant depending on the data peak to average ratio and
channel attenuation. This equation provides a good estimate of the thermal and data
induced noise around the recovered pilot at the receiver. The results of our system-
level simulations indicate that when the pilot frequency coincides with the signaling
bit-rate, between the two terms on the right hand side of (4.3), the first term is always
dominant. Therefore, in order to ensure a reasonable rms jitter power, the received pilot
power only needs to be sufficiently larger than the thermal noise that passes through
the high-Q bandpass filter. This lower limit is usually very small as compared to typical
signal levels used for transmission in high-speed links. Therefore, even for large values
of channel attenuation at the pilot frequency, a small pilot voltage overhead is imposed

on the transmitter to ensure that a good quality clock can be extracted at the receiver.

4.3 Prototype Circuit Design

In order to demonstrate the feasibility of the proposed clock recovery scheme, a fully
differential receiver was prototyped in a 0.13um IBM CMOS process targeting data
rates of up to 5Gbps. Figure 4.4 shows the block diagram for the proposed receiver.

Tunable on-chip 502 resistors were used at the input to reduce matching reflections at
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Table 4.1: System Level Simulation of Pilot Based CDR for the Cases Illustrated in

Figure 4.2
V;/% Jrms(%UT) Jrms(%UT)
fPitot = Rpit/2 fpilot = Ryt
25% 2.3 ~0
20% 3.4 ~ 0
10% Looses lock ~0
1% Looses lock 0.18

the channel interface. The receiver has two separate parallel paths for clock extraction
and data recovery.

Our initial circuit-level analysis indicated a high area and power cost when the high-
Q bandpass filter was implemented using a PLL. An ILO, on the other hand, can achieve
the same bandwidth at substantially lower power [3,41]. The core of an ILO is essen-
tially an oscillator, which consumes only a small fraction of the overall PLL power [41].
Additionally, ILOs can be designed to have extremely fast transient responses. As a
result, using an ILO in the receiver enables the system to quickly switch between sup-
ported data rates, and therefore, relaxes the tradeoff between the settling time and the
recovered clock jitter performance of the CDR [42]. Consequently, in this design we use
an ILO to implement the high-Q bandpass filter. ILOs can behave as extreme high-Q
filters; however, the output phase noise of an ILO is a strong function of the phase noise

of the injected signal. Although there is a null in the NRZ data at the bit rate frequency,
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some phase disturbance is possible due to the Sinc?(27wf) behavior of the NRZ data
spectrum. Therefore, to further reduce the impact of the NRZ data on the recovered
clock, the ILO is driven by a pre-filtered version of the received pilot and data signal.
We take this approach to both clean up the injected signal and amplify its amplitude.

Since the locking range of ILO circuits depend on the noise level of the injection
signal [41,42], the received signal, disturbed by the noise from NRZ data in our architec-
ture, needs to be filtered. Also cascaded ILO circuits can not be used in this architecture
due to their very narrow overall locking range behavior, and therefore, there is a need
for a tuned filter to remove the NRZ data disturbance from the received signal. The
output of this filter is then used to injection lock the VCO.

The clock extraction path is preceded by a low-Q passive parallel bandpass LC filter,
for power matching and to suppress some of the data energy around the pilot signal and
is similar to many narrow-band RF LNA designs [43]. The matching circuit is followed
by an LC-tuned amplifier shown in Figure 4.5 to further suppress the noise from the
NRZ data. Current mode logic (CML) buffers at the output of the tuned amplifier in
Figure 4.4 are used to decouple the oscillator from the previous stages and extends the
achievable ILO bandwidth. The buffered output is then used as an injection signal for
the injection-locked oscillator. As will be discussed in the next sub-sections, both the
LC-tuned amplifier and the VCO use the same inductor that has been optimized for
the designed data rate. MOS varactor values and areas were chosen to be optimum for

the tuning range and link performance. The subsequent sub-sections discuss the circuit
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Figure 4.4: The proposed 5Gb/s prototype receiver using an injection locked oscillator

details for the various receiver blocks.

4.3.1 LC-Tuned Amplifier

Figure 4.5 shows the LC-parallel matching at the buffer output and the input of the
shown LC-tuned amplifier as depicted in Figure 4.4. Partial positive feedback [44] was
used to enhance the amplifier gain because of the finite quality factor (Q) of the on-chip
inductors in the design kit. The cross-coupled PMOS transistors M; and My introduces
a negative resistance which cancels part of the loss of the LC tank and increases the
output amplitude.

The cross-coupled negative resistance is inversely proportional to its small signal
transcondctance g,1,2, which increases by reducing the current passing through the cross-
coupled pair. Reducing the tail current reduces the LC-tuned amplifier gain; therefore,
M3 and My shown in Figure 4.5 are used to carry some of the tail current and increase

the cross-coupled PMOS load negative resistance. This enhances the Q of the overall
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Figure 4.5: Differential LC-tuned amplifier

LC-tuned amplifier for a fixed amount of power consumption. Oscillation was avoided by

ensuring that the cross-coupled pair canceled only part of the overall loss in the LC-tank.

4.3.2 Injection Locked Oscillator

Figure 4.6 shows the ILO design, which comprises of a core LC tank based VCO with
N-MOS and P-MOS cross-coupled transistors. M; and Ms are the signal injection tran-
sistors which were sized to ensure low injection operation for the ILO [42]. Using both
N-MOS and P-MOS cross-coupled devices in the VCO improves the flicker noise related

phase noise component of the designed VCO [43].
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Equation (4.4) shows the closed form equation for the ILO locking range, fr ., (here
BWepr or the receiver bandwidth), where @ is the loaded oscillator tank Q, Ir,; is the
signal injected into the ILO and Ipg. is the oscillator signal current [41].

wo Irnj

Wrock = BWepRr = 20 1o
Sc

(4.4)

Oscillator current, Ips. was initially chosen to sustain the oscillation at nominal clock

frequency of the link at 5GHz. A ratio of 1/5 was chosen for Imi and the ratio of M1 /M2

1ose

was chosen to ensure injection locked oscillation for the minimum received pilot signal
to data ratio which is 5% for this design.
ILO locking range was enhanced substantially by removing the VCO cell tail current

I .
II nl for a fixed
Osc

due to an increased overdrive voltage of M1 and M2 and therefore larger
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Iose. This was verified through Spectre simulation and by subjecting the clock extraction
circuit including the ILO to the combined data and pilot signals.

Identical inductors were used in the VCO and the LC-tuned amplifier. The Q of the
inductors were optimized to operate at 5GHz. As shown in the Figure 4.6, varactors
were used for the fine tuning of both the LC-tuned amplifier and the VCO free-running
frequencies. A coarse tuning loop can be used at the system startup to bring the VCO
free-running frequency within the designed locking range of the receiver (BWepr). In
our experimental system we used an off-chip analog tuning circuit to bring the initial

VCO free-running frequency within the desired receiver locking bandwidth at startup.

4.3.3 Source Degeneration Amplifier and Analog Equalizer

The data recovery path incorporates a capacitive source degeneration amplifier shown in
Figure 4.7, which boosts high frequencies and serves as an analog equalizer. Post-cursor
IST components are reduced as a result of using this analog equalization. Equation (4.5)
shows the closed form frequency dependent gain of the source degeneration amplifier
with the load impedance of Ry, and Cjy, and source degeneration impedances of Rg and
Cs.

gmRr, 1+ sRsCs 1

Ay(s) = 45
(S) 1+ng5/21+3ﬁ§i7—;57;)1+8RLCL ( )

The ratio of the pole to zero is given by Equation (4.6), which is directly related
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Figure 4.7: Source degeneration and analog equalizer

to the transconductance of the stage for g, Rs > 1 and inversely related to the ratio of
the input capacitance to the source degeneration capacitance. Increasing the amplifier
gain also increases the input capacitance of the differential stage and therefore limits
the maximum achievable separation of the pole and zero. The analog equalizer zero

placement was optimized for the bandwidth extension at the desired data rate.

P 1+ngs/2
Zs 2T Omlts/ 2 4.
Z, = 1+ Cy/Cs (4.6)

4.3.4 CML D-Flip-Flop

The output of the equalizer is sampled using a CML D-flip-flop, which consists of master
and slave latches. The CML latch stage has been shown in Figure 4.8, which is clocked

by the recovered clock from the transmitted combined data and pilot. CML latches can

67



Figure 4.8: CML latch used in a master-slave D-flip-flop

be designed to operate close to 1/5th of the fp of the used process techonlogy. This
fast operating frequency is possible since the output swing value is only a fraction of the
supply voltage in CML logics. In addition, this logic family is known to be insensitive to
power supply noises as the current drawn from the power supply is the same regardless
of the output logic level [3]. The CML latch shown in Figure 4.8 comprises of two stages
of sample; differential transistors M; and My form a sampler and cross-coupled pair
transistors Ms and My function as a hold stage. It is northworthy that CML latches
have two different time constants. When the CML latch is in the sampling phase, the
output time constant is determined by the load resistance and capacitance of Ry and

Cpr. The load capacitance comprises the CML latch output intrinsic capacitance which is
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mostly dominated by the input capacitance of the following stage. The output intrinsic
capacitance changes and includes the cross-coupled M3 and My pair, while the load
resistance has the value of Ry, in paralell with (-1/g,34) in the hold phase [3]. These
two time constants need to be considered for the set-up and hold time of the designed
latch. The output of the D-flip-flop and the recovered clock drive CML buffers including

a 50 Ohm CML buffer for driving the differential probe pads.

4.3.5 Phase Adjustment

The combined data and pilot is subjected to the channel frequency response, which is
likely to have a different phase response for the narrow-band pilot signal as compared to
the wide-band data. In addition, the clock extraction path could have a delay mismatch
with the data recovery path. Therefore, a low-bandwidth phase adjustment mechanism
is required to compensate for any fixed phase mismatch that might exist and to track any
changes in this phase due to voltage and temperature variations [45,46]. Different phase
adjustment techniques employed in high-speed memory interfaces such as DDR3 and
GDDRS5 [46], also known as timing calibration, can be applied in this case. For example
a known data pattern is sent from the transmitter to the receiver repeatedly and the
digital code for the phase interpolator, placed at the receiver, is varied from 0 degree
to 360 degree. By comparing the detected sequence with the expected sequence at the
receiver, a pass region can be established where the bit sequence is detected correctly.
Consequently, the optimal sampling point can be set at the middle of the pass region.

Alternatively, the phase interpolator can be placed at the transmitter where the phase
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Figure 4.9: On-chip combination of data and pilot at the transmitter

of the data and pilot can be adjusted to achieve phase alignment at the receiver. For
the prototype system described in this chapter, we adopted the latter approach using
an off-chip phase trimmer at the transmitter as will be shown in the next subsection.
Since the required bandwidth for the phase adjustment circuit is relatively low, all of
our claims for the performance of the pilot based CDR scheme remains valid. Another

proposed solution for the low speed phase adaptation circuit used at the receiver will be

discussed in chapter 6.

4.3.6 Transmitter with Power Combined Pilot and NRZ Data

Before we present the experimental results for the designed chip in the next section,
we discuss the generation of the power combined pilot and data at the transmitter. As
shown in section 4.1, the pilot and data can be simply combined at the transmitter and at

the output of the final buffer stage. This summation can be done in the current domain
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Figure 4.10: Off-chip combination of data and pilot at the transmitter with phase ad-

justment

using two CML buffers in parallel as depicted in Figure 4.9 along with the simulated
output waveform. As seen here, the pilot appears as a small sinusoidal waveform on top
of NRZ data at the output of the transmitter.

The combined data and pilot can also be generated off-chip which was used for
testing the current designed chip as illustrated in Figure 4.10. Off-chip phase trimmers,
adjusters, were used at the transmitter and before power combination. As shown in the
figure, the differential output data from PRBS was power combined with the generated
differential clock. The resulting power combined data and pilot was applied to the used

channel followed by the designed receiver chip.

4.4 Experimental Results

Figure 4.11 shows the chip micrograph with the receiver circuits highlighted. The overall
receiver area is 0.2914mm?, and consumes 25.75mA from a 1.5V supply while operating

at 5Gbps. The pilot-based CDR alone occupies 0.171mm? and consumes 11.75mA from
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the 1.5V supply. In order to test the prototype receiver, the data generated from a
CENTELLAX PRBS generator was differentially power combined with an attenuated
input clock signal, i.e., the pilot, to the PRBS as illustrated in Figure 4.10. We used
off-chip phase trimmers and attenuators at the transmitter and before power combining
to ensure the synchronization of transmit data and pilot. The resulting power combined
data and pilot signal was applied to the channel and received by the prototype chip. The
prototype chip was placed in an QFN5x5 32A open cavity package, and then the power
combined PRBS data and pilot signal after passing through the appropriate channel was
applied to the receiver using GSSG probes.

During initial setup, the PRBS was turned off and the receiver was tuned to have a
high-Q and low bandwidth, to focus on the transmitted pilot frequency operated at the
data rate. The power combiners and splitters before the channel contribute 11dB of loss
at 5GHz.

In order to measure the performance of the architecture presented in this chapter in
the face of variable ISI levels, we measured the recovered clock performance for different
lengths of FR4 lines. We ensured a constant pilot to data ratio for all cases. The three
measurements of rms jitter were 1.3ps, 1.5ps and 1.6ps for FR4 channel lengths of 07,
5”7 and 10” respectively, while the deterministic jitter component of the recovered clock
remained virtually unchanged at 0.1ps for all cases. The oscilloscope was triggered with
a clean clock for these tests. These measurements confirm our claims in Section 4.1

that the proposed technique is relatively insensitive to ISI levels in the incoming data.
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Figure 4.11: Chip Micrograph, The receiver area is 0.2914mm? including all the buffers

and pad drivers and the CDR occupies 0.171mm?

Figure 4.13 shows the measured recovered clock for a channel length of 5”7 and a pilot
overhead of 5%.

Figure 4.15(a) shows the data eye diagram at the input to the receiver, which has
substantial ISI caused by the combination of the power-combiners and the 10” FR4
channel that was used. Figure 4.15(b) shows the recovered data eye at the output buffer
of the receiver sampler and the recovered clock. Despite the severe ISI at the received
eye, the recovered clock, to first-order, is clean and free of data-dependent jitter. As

a result, the recovered data transition variations has improved by about 58%. The
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Figure 4.12: Designed test board using open cavity QFN5x5 32A and probing the input

combined data and pilot and recovered clock and data

same experiment was repeated for a differential 57 FRA4 line, (i.e., much lower IST) while
keeping the transmit pilot at the same level. The recovered data ISI was improved by
about 45% while maintaining the BER of 1072,

The CDR bandwidth was measured by changing the transmit clock frequency (chang-
ing both the bit rate and pilot frequency), and the effect of pilot amplitude and loop
bandwidth was verified by changing the transmit pilot amplitude as shown in Figure 4.16.
The bandwidth varies linearly as predicted by injection-locking theory discussed earlier
in Section 4.2. The CDR bandwidth can also be changed by altering the tuning for
the amplifier and/or VCO to accommodate the various desired values. The recovered

clock rms jitter of the pilot-based CDR was measured while varying the pilot ampli-
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Figure 4.13: Recovered clock for pilot to data overhead of 5% and FR4 length of 5”

tude at the transmitter side and keeping the data amplitude fixed at 1V, as shown in
Figure 4.17. The figure also shows the transmitted pilot rms jitter of our signal source
generator, which places a lower bound on the recovered rms jitter at the receiver. The
oscilloscope was triggered by an ideal clock for this measurement. To achieve a 1.6ps and
1.2ps (0.8%UI and 0.6%UI) jitter at the receiver, a 5% and 11.7% voltage overhead is
required respectively at the transmitter when the overall channel loss is 10dB at 5GHz.
Any residual ISI components in the recovered data not equalized by the analog equalizer
can be further suppressed by using an additional decision feedback equalizer if needed.
Because of the large jitter of our source, we suspect that the absolute measured rms jitter

value for our prototype is likely to improve by using a better quality signal generator.
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In another experiment, a set of measurements was performed for a FR4 channel
length of 10” while PRBS lengths were changed (causing different ISI levels) i.e. 27 — 1,
215 1,22 — 1 and 23! — 1. The measured deterministic jitter components remained
the same for all the measured cases. The PRBS pattern was also turned off and the

deterministic jitter on the recovered clock was compared with the case when PRBS was
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Figure 4.16: Pilot-based CDR bandwidth variation versus received pilot amplitude for a

fixed transmitted data amplitude

on and no significant change was observed. These measurements further justify our
claim in Section 4.1 that pilot-based CDR architectures are insensitive to deterministic

patterns and ISI components.

4.5 Summary

A novel pilot-based CDR scheme for high-speed electrical links is proposed in this chap-

ter, which alleviates the dependency of traditional edge-based CDRs on the quality of
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data transitions. The specific choice of the pilot frequency at the frequency nulls of the
NRZ data leads to a substantial reduction in the level of interference from the NRZ
data, making the thermal noise of the receiver front-end to be the major limiting factor.
A 5Gbps CDR prototype fabricated in a 0.13um CMOS technology demonstrates that
even with a channel loss of 10dB at the bit rate frequency, only a 5% voltage overhead
is imposed on the transmitter to achieve a recovered rms jitter of 1.6ps due to the si-
multaneous transmission of the pilot and data. Because the proposed scheme is based

on an injection-locked oscillator, it can operate at much higher speeds, i.e., close to the
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Table 4.2: Performance comparison with recently reported CDRs

Area  Power Supply Jitter Rate Technology
(mm?) (mW) (V)  (tms) (Gbps)
[33] 0.496 35 3.3 1.45ps 10 SiGe,
45GHz
[34] 025 132 12  N/A 10  65nm
[47] 0.108 88 N/A  9.7ps 8 65mm
This work | 0.171 17.6 1.5 1.2ps 5 0.13um

fr of the technology with very low power [42]. The fabricated CDR prototype achieves
very good power, area and clock jitter performance compared to previously reported
CDRs, as summarized in Table 5.2. The proposed CDR is insensitive, to the first-order,
to the residual ISI caused by the channel as demonstrated here for PAM?2 signaling and
can be adopted to various applications such as chip to chip and back-plane applica-
tions. Although for this prototype an LC-VCO was chosen to implement the ILO for the
architecture presented in this chapter, the ILO may also be implemented using ring os-
cillators commonly used in high-speed serial links. This work can also be easily adopted
to more complex signaling schemes such as partial response (Duobinary) and Analog
Multi-Tone, where the occurrence of a larger number of data transitions are problematic
for traditional CDR schemes. Those transitions would have little or no impact on this

new approach.
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Chapter 5

Low Spur Single-Ended

Charge-Pump PLL

Increasing demand for competitively cheap and highly integrated solutions for wired
and wireless applications drives communication ICs in industry for various applications.
CMOS technology is the optimum choice for mass production because of its relative
low fabrication cost and high integration capacity; therefore, normally CMOS is used
in systems on a chip, SOCs, which are designed to meet a certain standard application.
The overall performance of SOCs poses a range of constraints on their composed sub-
system circuits design. PLLs are commonly used to generate a clean reference signal in
majority of today’s SOCs. The spectral purity of PLLs is critical in determining the jitter
quality of wired communication systems as well as the level of inter-channel interference

and blocking characteristics in wireless systems. In traditional integer-N charge-pump
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PLLs, the degradation of spectral purity is primarily due to reference spurs, which are
caused by the inherent mismatch between “Up” and “Down” currents. current. This
mismatch results in unequal duration of current correction pulses in the loop since the
net positive charge deposited onto the loop filter is bound to be equal to the net negative
charge in locked condition. To lower the spur level, sample-reset loop filters with two
separate charge-pump paths have been implemented to decouple the charge-pump from
the VCO control line [19]. Another technique has also been proposed in [20], which
uses two feedback loops and two op-amps in the charge-pump to lessen the impact
of the current mismatch, thereby suppressing the reference spurs. However, both spur
reduction techniques increase circuit complexity, decrease voltage headroom, and require
additional area overhead. The charge-pump in [20] uses two feedback loops and two op-
amps to suppress the reference spurs. The combination of a unity gain voltage follower
and a replica bias circuit with current feedback is used to reduce the impact of current
mismatches. Additionally, the circuit has limited voltage headroom due to the stacking
of six transistors. According to the ITRS, future technologies will use supply voltages of
less than 1V [5]. Clearly, voltage headroom is going to be a major problem as we move
to lower supply voltages.

In this chapter, we propose a novel spur reduction technique that results in significant
reduction of side-band spurs, with minimal overhead to traditional single-ended charge-
pump PLLs. A feedback correction circuit has been incorporated into the charge-pump

to alleviate the mismatch in the “Up” and “Down” currents, thereby significantly at-
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tenuating the reference spurs. Prototype PLLs operating at 5.6 GHz with and without
this technique have been designed and fabricated in a 0.18um CMOS process technology.
The proposed technique is shown to reduce reference spurs by 22 dB with a measured
spur level of -66 dBc/Hz. Our proposed technique uses two transistors less in stack al-
lowing for a supply voltage that is roughly 0.4V lower than the design reported in [20].
Additionally, this technique uses only one negative feedback loop (i.e., one amplifier)
to dynamically suppress the disturbance on the VCO control line, thereby limiting the

power and area overhead.

5.1 Spur Generation in Single-Ended PLLs

Reference spurs is one of the main factors that degrades the spectral purity of PLLs.
Reference spurs are normally generated by a mismatch in phase and frequency detector
(PFD)/charge-pump circuit paths, which leads to a periodic disturbance, with the update
frequency equal to the reference input, on the VCO control line. The periodic disturbance
is most accurately modeled by an impulse train with the reference input frequency as
illustrated in (5.1). Here wg is the locked carrier frequency, wges is the frequency of
reference signal with the reciprocal period of Tg.r, Kyvco is the VCO gain and I, is
the magnitude of periodic disturbances on the VCO control line. The magnitude of the
reference spurs, Vi, at (wo £ wgey) can be simplified by approximating the first harmonic
in Fourier series expansion of the impulse train (narrow-band FM), as shown in (5.2).

Vin ideally can be zero when there is no mismatch in the PFD/charge-pump paths.
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¢ 00
VOut(t) = A COS(Wot + I, Kvco / Z (5(t — k’TRef)dt) (5.1)
T k=1
I, K
Vin(t) = Aow[cos(wo + WRef)t — cos(wy — Wret)t] (5.2)

2WRef

The PLL loop parameters such as VCO gain and charge-pump current define the
overall loop bandwidth. Quite clearly, there is a tradeoff between VCO gain, loop settling
time, VCO tuning range and the minimum achievable spur level as shown in (5.2).
Switched-capacitor based stabilization zeros are a potential technique that can be used

with charge-pump PLLs to relax the tradeoff between settling time and spur levels [19].
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The direct coupling of the charge-pump circuit to the VCO control line, reflected
in the I, term in the above equations limits the achievable spur level in traditional
PLL designs. Sample-reset loop filters are used to decouple the charge-pump from the
control line as described in [19]. In addition, mismatch correction and fully differential
circuits have been reported which mitigate the spur levels but have the disadvantage of
significant complexity, reduced supply voltage overhead and increased area [19,20,40].

Figure 5.1 shows the traditional PFD normally used in charge-pump PLL. Delay cell
in the feedback with the delay of T; defines the control pulses duration generated by
PFD while PLL is in locked condition. When a charge-pump PLL is in locked condition,
charge conservation mandates the equality of the deposited positive charge onto the loop
filter to that of the negative one as illustrated in (5.3). In this equation, Iy, is the
“Up” current amplitude, Ipeyr is the “Down” current amplitude, Ty, is the “Up” pulse

duration and finally Tpowy is the “Down” pulse duration generated from PEFD circuit.

IUpTUp = IDownTDown (53)

Two cases of mismatches for I;7, and Ipy., amplitude has been shown in Figure 5.2.
Figure 5.2(a) where Iy, is slightly smaller than Ip,, and Figure 5.2(b) where Iy, is
slightly larger than Ipgwy,. The mismatch in the amplitude of It, and Ipyyy results in a
skewed arrival time in the correction pulses of PFD as illustrated in the Figure 5.2. Fig-
ure 5.2 shows the reference and divider input signals to PFD and the overall charge-pump

current charging the VCO control line. %,,;s is the skew in the arrival time of correction
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Figure 5.2: Charge-pump currents in PFD based PLL

pulses in PFD. The correction pulse width varies such that the charge conservation in
(5.3) is maintained. When Iy, is slightly smaller than Ipgyy, the divider signal lags
the reference pulse by t,,;s to preserve charge conservation in locked condition with the
charge-pump current equal to Iy, during this period. During the short time period of
tmis, positive charge is deposited onto the control voltage line. For the rest of the phase
comparison cycle, Ty — t,,;s, & negative charge will be deposited onto the VCO voltage
control line with the current amplitude equal to (Ipewn-Ivp). Similarly the case where

Iy is slightly larger than Ipe., has been shown in Figure 5.2.
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5.2 Proposed Reduced Spur Charge-Pump Circuit

The magnitude of the disturbance on the VCO control line depends primarily on mis-
match in the arrival times of the correction pulses and the difference in the Iy, and
Ipown amplitudes. The proposed charge-pump circuit, which ameliorates the periodic
disturbance is shown in Figure 5.3. This proposed design uses a negative feedback
to monitor the difference between the VCO control line, Vcrr,, and its average value,
VOoTL-Avg, available from the loop filter across the capacitor C7 as shown in the figure.
It is worthwhile noting that most of the voltage disturbances on the control line occurs
across resistor 7 as the size of the loop capacitance C is fairly large and functions as a
low-pass filter with a very low corner frequency with respect to the PLL’s input reference
frequency. Likewise, R and (] is a low-pass filter which eliminate transient spurs on
the control line.

VB1 and Vpo are generated by the bias generator and the switch, Sy, at the output
of the op-amp is enabled when the PLL acquires lock. Anytime there is a dynamic
disturbance on the control line in the locked condition, the corrective amplifier generates
a negative feedback signal that tunes I;;, and consequently suppresses the disturbance.
When the loop is in lock, the current flowing through Ms varies until it matches the pull-
down current. This reduces the disturbances on the VCO control line and consequently
attenuates the magnitude of the reference spurs.

Figure 5.4(a) shows typical amplitude and arrival time mismatches between “Up”

and “Down” current pulses in a conventional charge-pump PLL for the loop in lock
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Figure 5.3: Simplified proposed charge-pump circuit in lock condition

as discussed in the previous section. The proposed charge-pump circuit improves the
matching of the two currents as shown in Figure 5.4(b). The area underneath the
“Up” current pulses has to be equal to that of “Down”pulses when PLL is in lock as
discussed in the previous section. The conventional tri-state PFDs have an intrinsic delay
determining the width of the correction pulses. Since the “Up” current in the designed
conventional charge-pump is slightly smaller in magnitude than the “Down” current in
this illustration, the “Up” correction pulses arrive earlier than the “Down” ones and the
pull-down current remains ON for a longer time. The net charge deposited onto the
VCO control line during non-overlapping phase of the PFD pulses result in a positive
transient on the VCO control line. However, in the proposed charge-pump solution this

transient increase in the control voltage is detected by the amplifier which adjusts its
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output voltage to reduce the mismatch between Ir;, and Ipeyn pulses. The performance
of the op-amp is critical as its gain and bandwidth can affect mismatch correction and

its noise and bandwidth can impact VCO phase noise and loop phase margin.

5.3 Phase Noise Analysis

In this section, we focus on the noise impact of the op-amp used in the charge-pump
on the overall VCO output. The details of the op-amp topology is discussed in the
next section. Clearly, the op-amp adds noise to the VCO control line. However, as
the pull-up and pull-down currents are only active for a short period of time, during
the phase comparison period, the op-amp noise is only added during that short overlap

period. More specifically, devices M; and My conduct current only during the comparison
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phase of the PFD when the loop is in lock. The current conduction profile is shown in
Figure 5.5. The profile comprises of periodic narrow pulses with a frequency of frpr
(wrer/2m). The equivalent excessive noise attributed to the proposed charge-pump at
the VCO input can be thought of as the product of the referred thermal noise of the op-
amp output and the current conduction profile depicted in the figure. This phenomenon
helps to significantly reduce the effective output VCO noise contributed by the op-amp
in the proposed charge-pump topology. Proper design of the op-amp can lead to minimal
noise impact at the VCO output. In addition, this noise has a statistical behavior similar
to cyclo-stationary noise sources due to its periodic nature [43,48]. The figure illustrates
the overall noise spectrum at the input of the VCO which is close to a train of impulses

or a sinc (sin(z)/z) function with a very narrow main lobe.

5.4 Prototype Circuit Design

Two charge pump based PLLs were designed and simulated, one using a conventional
charge-pump circuit and the other applying the proposed techniques in section 5.2. Both
circuits were designed in a standard 0.18-ym CMOS technology. Using the process
parameters provided by the foundry, the loop dynamics for the PLL was simulated in
MATLAB.

The LC-tank VCO similar in topology to the one designed in chapter 4 uses a
NMOS/PMOS negative resistance cell to improve the symmetry and phase noise perfor-

mance [48]. The VCO operating frequency range is 5.4 - 5.8 GHz. The first three stages
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of the frequency divide-by-two were implemented in CML to ensure optimum operation
of the divider in terms of power, speed and the limited fr (~ 40GHz) of the used tech-
nology. Well-known D-flip-flop with feedback has been used to implement divide by two.
The divider stages following the CML dividers were designed and implemented in static
CMOS logic to save power and area.

Figure 5.6 shows more details of the proposed charge-pump including the op-amp
circuit. A differential operational trans-conductance amplifier designed for this design as
shown in the figure. The amplifier input needs to accommodate an input signal ranging

from 0 to Vpp to ensure the reliable spur cancelation. Therefore we included both
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Figure 5.8: Proposed design control line transient behavior (3.5X reduction)

PMOS and NMOS devices at the input of the amplifier to ensure proper operation of
the proposed scheme over the entire voltage range. Figures 5.7 and 5.8 show closed-loop
Spectre circuit simulation results for both PLLs in locked condition, respectively. The
design was modified slightly to ensure the simulations includ mismatch in the I, and
Ipown currents that are likely to occur in real fabricated design. As shown in the figures,
the disturbance on the control line was reduced from 60 mV to 17 mV in the proposed

charge-pump, a factor of 3.5X, in comparison to a conventional charge pump.
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5.5 Experimental Results

To further validate the proposed design, both synthesizers were fabricated in a 0.18-um
CMOS technology. All of the signals from the prototype chip except the buffered outputs
of synthesizer were wire-bonded, microwave probes were used to capture the PLL out-
put. Figure 5.9 shows the loop transient behavior of the proposed design along with the
corresponding zoomed-in spectrum captured with a HP E4407B spectrum analyzer. The
measured settling time was about 2.2 us, which compares well with simulation results.
Next, the reference frequency was varied over the lock range (113MHz to 119.5MHz) of
the two designs and spur levels for both synthesizers were measured. The best improve-
ment in spur suppression was >22 dB as shown in Figure 5.10. As can been seen in
this figure the amount of spur suppression decreases whenever the reference frequency
is moved away from 117.5MHz. This is unfortunately mostly due to a layout error. Vg
could not be adjusted within the lock range and therefore the performance improvement
was limited. Our simulation suggest that fixing this problem can reduce the spur levels
to <-70 dBc.

Next, we show the spur levels for the two designs measured with a reference frequency
of 118 MHz in Figure 5.11 corresponding to the results plotted in Figure 5.10. The
proposed synthesizer core consumed 33.3 mW from a 1.8 V power supply. The power
consumption for the core plus drivers and 50-ohm output buffer was 57.6 mW. The
power consumption of the op-amp is minimal (= 4%) at 2.3 mW. The proposed charge-

pump design has a phase noise that is 4 dBc/Hz higher than the conventional design
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Figure 5.10: Spur level comparison of the two designs over the lock range. Peak im-

provement > 22dB

at a 10 MHz offset which is attributed to the op-amp noise and can be improved by
modifying its design. A doubling of the op-amp current with appropriate device size
changes will reduce the noise impact to less than 1dB. The active die area for two PLLs
was 1.1 x 1.3 mm? and 0.46 x 0.77 mm? for the proposed charge-pump PLL as shown in
Figure 5.12. Table 5.1 summarizes the measurement results for the fabricated chip.
Table 5.2 compares this work with prior designs [18,20]. Phase noise and spurious
signals cause out-of-band interferers to be mixed within the channel. We have therefore,

developed a figure of merit, FOM, that can be used as an appropriate comparison tool
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Figure 5.12: Microphotograph of the PLLs in a 0.18um CMOS technology.
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Figure 5.13: ITRS supply voltage roadmap for CMOS
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Table 5.1: Summary of measurement results

Technology 180nm CMOS Conventional Proposed
Total circuit area 1.43mm? charge-pump  charge-pump
Spur level (frpr = 118.4MHz) -51dBc -58dBc
Spur level (frer = 117.5MHz) -44dBc -66dBc
Power (including all drivers) 31.0 mW 33.3 mW
Phase noise @ 10MHz -125dBc/Hz ~ -121dBc¢/Hz

of various wireless designs. This FOM is derived by summing the 1Hz bandwidth phase
noise normalized to a 10MHz offset with the spurious tones at the reference frequency.
An additional correction factor for loop-bandwidth/fr.s is added since various designs
use different bandwidth. The proposed design has a higher loop-bandwidth/fr.s ratio
(~1/10 ) as opposed to the designs in [18,20] (~1/36) resulting in a larger ripple voltage
for the same current impulse from the charge-pump. Therefore, there is a need for a
correction factor of 20log(36/10) for the spur levels in [18,20] to have a fair comparison.
The VCO power for all the designs are approximately equal and has been eliminated
from the FOM for clarity. Clearly, no single FOM can capture all the possible design
tradeoffs, however, this FOM is a good metric for wireless systems. As seen in the table,
our design has the best performance FOM, lowest complexity and can be designed for
future low voltage technologies. The supply voltage trends for CMOS technologies from

ITRS is shown in Figure 5.13. Our design can be realized in more advanced technologies
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Table 5.2: Performance comparison of PLLs with improved charge-pump Circuits

Freq. Spur Phase-noise Power g‘;}t FOM

GHz dBc  dBc/Hz mW dB
Design [18](0.24um) | 5.0 <45 -101 @IMHz ~ 32.0 36  -160.0
Design [20](0.24um) | 5.0 70 -134 @22MHz 253 36  -1845
Our design(0.18um) | 5.7 <-66 -121 @10MHz 33.3 10 -198.3

with smaller supply voltages.

5.6 Summary

Inherent delay and current mismatch in the combined phase detector/charge-pump, and
the coupling between charge-pump output and VCO control line leads to reference spurs.
In this chapter we proposed a single-ended charge-pump circuit to reduce the dynamic
disturbances on the control line. The design was verified using prototypes fabricated in
a 0.18-um CMOS technology. Measurement results show a spur reduction of >22 dB,
in comparison to a conventional charge-pump based synthesizer.

better performance metric FOM, lower complexity and can be designed for lower supply

voltages.
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Chapter 6

Conclusions, Research

Contribution & Future Directions

As presented throughout the thesis, the growing on-chip processor bandwidth predicted
by Moor’s law and the projected performance of I/O systems released by ITRS with the
performance gap shown in Figure 1.1 have spurred the demand for developing sophisti-
cated high-speed I/O transceivers in CMOS technologies [5]. Enormous channel losses
at high frequencies necessitate the use of channel equalization, which becomes more
power hungry and less efficient with increasing data rates. Crosstalk interferences from
neighboring channels become more pronounced relative to the received signal and nega-
tively affect the BER of the overall link as discussed in chapter 3. Chapter 3 proposes
PR equalization scheme which increases the link performance and SNR at the receiver

slicer/s input by reducing the signaling bandwidth and incorporating the crosstalk noise

101



into equalizer optimization problem. A transceiver architecture with transmit equalizer
and 1-tap DFE was described as a solution for parallel links with severe crosstalk sources.

Increased ISI components with growing data rates without improving the quality
of channel materials, adversely impact the performance of traditional edge-based CDR
circuits because of their sensitivity to the incoming data pattern. Also recovered clock
and therefore data quality is set by the transmit clock performance especially in source
synchronous systems. Chapter 4 presented a novel low-power pilot-based CDR which
was designed, fabricated and measured in a 5Gb/s fully differential receiver using 0.13u
CMOS technology. The pilot-based CDR decouples the recovered clock performance
from channel ISI components with only a 5% amplitude overhead to transmitter while
recovering a clock with 1.6ps jitter rms while consuming only 11.75mA from a 1.5V
supply.

Transmit clock generated by a CP PLL suffer from reference side-band spur problem,
which deteriorates the clock jitter and phase noise performance in both wireless and
wireline applications. Chapter 5 introduces a reduced spur single-ended CP PLL, which
dynamically corrects the CP current to suppress side-band spurs. A 5.6GHz single-ended
CP PLL was designed, fabricated and measured in a 0.184 CMOS technology. The side-
band spurs were suppressed by 22dB and consequently improved the generated clock

jitter performance.
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6.1 Future Directions

6.1.1 Adaptive Phase Recovery for Pilot-Based CDR Scheme

As described in chapter 4, the combined data and pilot is subjected to channel frequency
response, which may have a different phase response for the narrow-band pilot signal ver-
sus the wide-band data. As described previously, the phase adjustment can be performed
by using a DLL at the transmitter and timing calibration cycles in bi-directional links
such as DDR3 and GDDR5 memory interfaces [46]. Figure 6.1 illustrates a proposed
phase adjustment circuit used in conjunction with pilot-based CDR scheme presented
in chapter 4. This scheme comprises of a cascade of several CML inverter delay cells,
here four stages with coarse tunable varactors at the output of each stage, a phase mixer

which selects two distinct phases from the delay cell chain and a phase interpolator which
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adjusts the fine tuned sampling clock phase. This scheme use the two dimensional eye
monitoring technique presented in [45] to place the sampling clock in the optimum place
in eye diagram. The eye monitoring circuit measures a figure of merit representing the
maximum two dimensional eye opening over time and feeds back this information to the
state machine which intelligently changes the phase mixer outputs and phase interpolator

gain.

6.1.2 A Unified Pilot-Based CDR and PR Equalization I/0

Transceiver

PR equalization was shown to outperform traditional equalization schemes in the envi-
ronments where crosstalk is the dominant noise. It was shown that the proposed PR
equalization scheme is advantageous in terms of DFE loop timing convergence which is
a limiting factor in DFE circuit implementation. Also the proposed pilot-based CDR
circuit introduced in chapter 4 enables I/O systems to decouple the clock performance
from the incoming data pattern with a small amplitude overhead at the transmitter with-
out an additional need for a dedicated channel for the clock signal. These two powerful
features can be combined in an I/O transceiver to benefit from their distinct feature.
Figure 6.2 illustrates the proposed I/0 transceiver to be designed and characterized.
The I/O transmitter shown in the figure uses a traditional transmit equalizer which
equalizes the channel response to an impulse, duobinary or PRyy; based on the channel
characteristic. The output driver combines the equalized NRZ data with a low amplitude

pilot signal as described in section 4.3.6 of chapter 4. The receiver is similar to the PR
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Figure 6.2: Unified pilot-based CDR and PR equalization scheme for I/O transceivers

equalization receive scheme described in chapter 3 and can be configured to use a double
threshold or single threshold slicer based on the channel loss values and characteristics.
The pilot tone frequency needs to be accordingly adjusted. The transmit pilot signal
frequency is equal to NRZ bit-rate for 2-PAM signaling which places the pilot signal at
the NRZ data notch. The pilot frequency is equal to bit-rate divide by two or fBitrate/2
when using the partial response equalization. The received equalized signal is a duobinary
signal after the first tap DFE cancelation when PRy, used. This received equalized signal
occupies only half of the bandwidth as compared to 2-PAM signaling [6,7]. Therefore,
pilot-based CDR scheme benefits from this lower frequency, fpiirate/2, since the transmit
pilot tone is subjected to a much lower channel loss which further results in less voltage

% at the transmitter.

overhead of v
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Appendix A

Partial Response MMSE

Optimization Problem

This appendix includes more detailed assumptions and simplifications required for under-
standing the solution to the optimization problem presented in Section 3.4 of chapter 3.
The following equations show the summary of the MMSE problem. Here x; is the victim
line, z,’s for Vr 2 < r < M are the dominant aggressor signals which contribute to na(k)
(colored noise component) and np(k) is white noise which has zero mean value and is
uncorrelated with respect to the transmit bit streams. The MMSE solution include the
transmit equalizer tap values, fop(2) for Vi —L < ¢ < L and b,y which depends on the

channel response and optimum target response for PR equalization.
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When solving for equation (3.2), the following equations are the basic assumptions

for our optimization problem.
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When simplifying the equation (3.3), the following equations help clarifying the shown

107



results in (3.4).
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